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Abstract

This thesis studies the realisation of a high-current low-voltage DC power supply, for
supplying the spherical tokamak power plant toroidal field coils, with a total current of
32 MA at 8V. The system is required to provide high efficiency conversion, high

reliability, and a reduced footprint.

Conventional rectification, adopting diodes, fails to provide high efficiencies, due to the
relatively increased voltage-drop to output-voltage ratio at low output voltages, caused
by the high nominal forward voltage of diodes. The rectifier circuit topology also affects
the conversion efficiency. Topologies employing one rectifying switch per path are
preferred. Supply frequency step-down transformers, as well as filtering components are
considered the bulkiest system elements. Hence, utilising a high frequency conversion
stage is preferred for obtaining a reduced converter footprint. A double-stage AC/DC
converter system is selected, with parallel connected high frequency DC/DC converters
at the final stage, namely ZVS phase-shift PWM DC/DC converters as a base design, to
achieve the final current rating requirement. The converter utilises synchronous

rectification, to improve the efficiency of the output low-voltage rectifying stage.

A lab-scaled converter, to study the performance of the selected topology, is presented.
The DC/DC converter delivers 1 kA at approximately 8V, is supplied from a 600 V DC
supply, and utilises the lowest loss system components. The ZVS MOSFET inverter
loss, operating at 14 kHz, is predominantly resistive/conduction losses. A
nanocrystalline transformer core is adopted, to provide a highly efficient magnetic
conversion. A control-driven synchronous rectifier is used for the final stage, with
improved control over self-driven techniques, increasing the rectification efficiency.
Liquid nitrogen cooling is investigated to possibly reduce the on-resistance of MOSFET
devices. Finally, a scaled-up 10 kA module design is discussed, with a possible
modification to the presented system. Chip-level MOSFET paralleling is realised for
reducing the difficulties of paralleling a large number of devices. Common current
reference control, for the parallel converter operation, is presented, and shows the
effectiveness for providing balanced current sharing in case of different converter

parameters.
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Preface

High-current low-voltage rectifiers are employed in applications such as linear regulator
circuits used for microprocessor and telecommunication systems, automotive power
supplies, electrolytic applications, lead acid battery charging systems, particle
accelerators, and various applications adopting superconducting magnets. Fusion
reactors are recently added to such applications, with the highest current requirements
of all applications. This research aims at selecting the most suitable power supply
system topology, for a fusion power plant, requiring a total DC current of 32 MA, at
approximately 8 V.

The thesis is presented in eight chapters:

Chapter one gives an introduction to fusion energy, showing the basic design aspects
of the spherical tokamak power plant. Similar applications utilising high-current low-
voltage power supplies are reviewed, to select a suitable power supply topology for this
specific application. A double stage conversion process is chosen, comprising a
conventional high voltage diode rectification, followed by parallel connected DC/DC

converter modules, adopting low-voltage synchronous rectification.

Chapter two starts with the theory of operation, design procedures, and power loss
analysis associated with ZVS phase-shift PWM converters. A design outline for a lab-

scaled converter is presented, aided with simulation results.

Chapter three investigates the possible efficiency improvement of applying liquid
nitrogen cooling to MOSFET devices, since MOSFETSs are utilised in the inverter and
rectifier sides. Basic theoretical analysis justifying the reasons of device channel on-
resistance reduction at cryogenic temperatures is presented. Experimental testing of
selected devices, covering high to low voltage device range, is conducted to decide
whether an overall efficiency gain is achieved.

Chapter four presents a brief overview of high frequency transformer design. A
nanocrytalline cored, high-current, step-down transformer design, to be utilised in the

DC/DC converter is also presented, aided with analytical analysis and FEA simulations.

Chapter five describes the basic operation of synchronous rectification, and studies the

parallel operation of MOSFETS, as a large number of devices are connected in parallel

vii



to achieve the required current rating. An electro-thermal device model is developed, to
show the effect of parameter variation on current sharing. The model is used to verify
the steady-state device temperatures for the 10 parallel connected devices, synchronous

rectifier, adopted in the DC/DC converter circuit.

Chapter six presents the experimental testing and small-signal system modelling of the
high-current low-voltage DC/DC converter. Open-loop and close-loop experimental
results are presented. Loss distribution through the various system components is
highlighted. A control technique, improving the efficiency of the synchronous

rectification, over the self-driven techniques is developed.

Chapter seven investigates the scaled-up converter module design. A 10 kA module is
proposed, to take the advantage of using higher power semiconductor devices, offering
lower conduction losses. A chip-level, paralleled MOSFET module is presented, to
reduce the possible difficulties of paralleling a large number of MOSFET devices, and
improve current sharing. Parallel converter operation is also discussed, showing that a
common current reference control technique is basically suitable for providing balanced

current sharing, in case of different converter parameters.

Chapter eight presents the conclusions, author’s contribution, and possible future

research.
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Chapter 1

Introduction

The growing demand for energy is leading to an exponential depletion of the finite
fossil fuel reserves. Alternative sources of energy are being considered to avoid a
determined energy crisis, added to the world’s current attention to the dangers of
increased carbon dioxide levels, which contributes to global warming. Renewable
energy using natural resources, such as hydropower, wind energy, solar energy,
geothermal, biofuels, and tidal energy are currently being used/developed, but only
contribute to 19% of the global energy demands [1.1]. However, renewables are mostly
cyclic sources and are not continuously available, and most conversion processes result
in poor efficiencies. Current research strategies are directed towards improving the
efficiency of different renewable energy sources, and finding new alternative methods
to produce energy. Fusion energy is considered a promising alternative source of energy
to the radioactive waste producing nuclear fission process. Attempts at controlling
fusion reactions started during the 1940s, when the first experimental fusion reactor was
patented by the United Kingdom Atomic Energy Authority (UKAEA) [1.2].

A design for a power plant based on the spherical tokamak (ST) is being currently
developed at Culham Centre for Fusion Energy (CCFE) [1.3]. A Component Test
Facility (CTF) based on the spherical tokamak design is also being developed to explore
the scientific concepts and provide a testing facility for research related to materials and

components used.
1.1 Fusion energy and tokamaks

Fusion is the process that powers the sun, in which hydrogen nuclei collide and release
massive amounts of energy [1.4]. Fusion research is aimed at reproducing this process
through a smaller and safer method, in order to fulfil the growing energy needs.
Basically, the concept behind the fusion reaction is to get two or more atoms close
together, overcoming the repulsive electrostatic forces due to the nuclei charges, so that
the nuclei will pull together using their strong nuclear force, and fuse into one larger

atom. The two fused nuclei generally form a single nucleus with a slightly smaller mass



for the fusion of light atoms (with atomic mass below that of iron). The mass difference

is released as an enormous amount of energy, according to Einstein’s mass-energy

equivalence formula (E =mc?) [1.5]. In order to bring the nuclei into close proximity
and overcome the electrostatic forces of similar charges, an external source of energy
must be supplied, basically heat energy. Atoms are extensively heated until reaching the
plasma state, in which electrons are separated, forming a gas consisting of
independently moving charged particles [1.4], [1.5]. Extremely high temperatures are
required for the nuclei to successively collide and fuse, which is directly proportional to
the total atomic charge. Hydrogen atoms, having the smallest nuclear charge, require the
lowest temperatures. Helium also possesses the lowest mass per nucleon, and is
energetically-wise preferred as a fusion product. Consequently, current experimental
fusion reactions combine isotopes of hydrogen (deuterium and tritium) to form isotopes
of helium (3He or 4He), producing energy and neutrons [1.5]. This mixture is heated to
a temperature of approximately 100 million degrees Celsius to successfully produce a
thermonuclear fusion reaction [1.6]. A diagram showing the reaction process is given in

Figure 1.1.
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Figure 1.1: Fusion of deuterium and tritium atoms forming a helium atom [1.6]

Plasma, consisting of positive and negative charged particles (nuclei and electrons), is a
good electrical conductor and can be readily influenced by magnetic fields. Hence, it
can be contained inside a vessel, keeping the high temperature mixture away from the
containing vessel walls. The most popular device for magnetic plasma confinement is
the tokamak reactor, which is a toroidal vacuum chamber supplied with strong magnetic
fields to confine and shape the plasma within the torus [1.7]. A basic structure for a
tokamak is shown in Figure 1.2, in which two magnetic fields are used for controlling

and shaping the plasma: toroidal and poloidal magnetic fields, giving a resultant helical



magnetic field. The inner poloidal field coils are also used to pass high currents through
the plasma by transformer action, increasing the plasma temperature and aiding the
other plasma heating methods (neutral beam injection and radio frequency heating) to
attain the required temperatures. Other fusion energy concepts include the stellarator,

the spherical tokamak, and inertial confinement fusion [1.7].

Magnetic circuit (core)

Inner poloidal field coils
(primary transformer circuit)

Toroidal field coils

Cuter poloidal field coils

Poloidal field
Toroidal field

Plasma and plasma current
(secondary transformer circuit)

Resultant helical magnetic field

Figure 1.2: Basic structure of a tokamak fusion reactor, showing the toroidal and poloidal field coils, and
the ohmic heating circuit (the magnetic core is only used for illustration) [1.7]

Many magnetic confinement based fusion reactors have been built since the early
1970s, in which the main goals are obtaining a stable and sustainable reaction, and the
successful utilisation through a commercial power plant [1.6]. Energy extraction from
the reactor is achieved by surrounding the plasma by a lithium blanket, which absorbs
neutron energy and breeds tritium fuel. Extracted heat then undergoes the same cycle as
existing power plants: heat is used to produce steam to drive turbines connected to
generators. A simple diagram for a complete fusion energy power plant is shown in
Figure 1.3. The basic advantages of fusion power plants over their nuclear fission

predecessors are [1.6], [1.8]:

e The fusion reaction produces helium, with no resultant atmospheric pollution.

e Deuterium and tritium mixture, the fuel likely to be used for fusion energy, are
both forms of hydrogen and are abundant materials. Deuterium can be readily
extracted from ordinary water, while tritium is produced inside the fusion power

plant from the lithium blanket, in which lithium is also abundant.
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Figure 1.3: Basic structure of a fusion power plant

e One kilogram of fusion fuel produces the same amount of energy as
approximately 10,000,000 kilograms of fossil fuels, which makes fusion energy
very efficient.

e Fusion energy produces no long-lived radioactive waste. All irradiated plant
components are safe to dispose within 100 years.

e The cost of fusion generated electricity is predicted to be comparable to fossil

fuel or fission generated electricity.

Most fusion research concentrates on conventional tokamak designs possessing D-
shaped plasma. The Joint European Torus (JET) at CCFE is considered the most
successful fusion experiment for such reactors. The spherical reactor design provides a
more compact device, in which the first spherical tokamak, START (Small Tight
Aspect Ration Tokamak), was successfully designed and built. MAST (Mega-Amp
Spherical Tokamak), a larger version of START, was also built following the
impressive results obtained from START [1.6], [1.7].

Many other fusion experiments and fusion reactor prototypes have been successfully
built in many other countries, to explore different concepts. Significant progress has
been achieved, which lead to planning for the construction of a larger and more
powerful fusion device: The International Thermonuclear Experimental Reactor (ITER),

with an expected completion time during 2018. ITER is a joint project between many



countries, and is designed to produce 500MW of fusion power, compared to the current
world record of 16 MW achieved by JET. The first commercial demonstration fusion
power plant named DEMO is expected to follow the research of ITER, to bring fusion

energy to commercial markets [1.7].

1.2 The spherical tokamak power plant

The main objective for achieving a successful fusion power plant is to deliver more
fusion power than that required to heat the plasma. The hot fuel is kept away from the
reactor walls by strong magnetic fields, which aids maintaining the high plasma
temperatures. However, sustaining a stable fusion reaction itself is considered a
complex issue. Minor perturbations in the plasma (for example, due to the interaction
between the plasma particles and the magnetic enclosure) may lead to different
instabilities, such as severe electromechanical forces, hence impairing the confinement
and reducing the fusion yield. Plasma stability is an important factor in the operation of
magnetically confined fusion. Plasma may be treated as a fluid, the stability of which
may be analysed using magnetohydrodynamics (MHD) [1.9]. According to MHD
stability calculations, low aspect ratio tokamak designs allow higher plasma pressure for
a given magnetic field, leading to higher fusion power density [1.10]. This offers the
possibility of achieving a reduced core power plant for the same total fusion power

compared to conventional large aspect ratio designs.

The main confinement field for the spherical tokamak power plant (STPP) is produced
by a single turn toroidal field coil, consisting of a water cooled solid centre rod and 16
water cooled return limbs. Each of these limbs is connected to 2 MA power supplies,
which are located circumferentially around the power core. The massive current
requirement (total of 32 MA passing through the central rod) is mandatory to produce
the main toroidal confinement field, due to the fact that a single turn coil is used.
Plasma shape and positioning is achieved by the aid of poloidal and divertor coils. A
helium cooled lithium blanket surrounding the plasma is used for extracting the neutron
energy released. Additional detailed descriptions for the operation, design parameters,
and main concept are presented in references [1.3], [1.10], and [1.11]. A 3D view for

the ST power plant, showing the single turn toroidal field coils, is shown in Figure 1.4.



Figure 1.4: Spherical tokamak power core 3D view [1.3]

The realisation of the ST design requires research and development in many areas,
including plasma physics, power supply and electrical engineering, as well as material
technologies. A reduced scale fusion reactor, a component test facility (CTF), is due for
construction before proceeding with the actual spherical power plant [1.8]. The toroidal
field (TF) coils for both the STPP and CTF are similar since both are single turn water
cooled copper coils. The main system parameters and power supply requirements for
both cases are shown in Table 1.1. The water cooled central rod is however subject to
excessive neutron irradiation, increasing its resistivity over time. The output voltage of
the TF power supplies is then required to be gradually increased, compensating for the
increased load resistance and maintaining total current at the required value. The initial
resistance and final resistance values at which the central rod has to be replaced are also
given in Table 1.1.

Table 1.1: STPP and CTF power supply requirements [1.8]

STPP CTF
Number of turns 1 1
Number of return limbs 16 10
Initial resistance of centre rod (nQ) 0.1644 0.45
Final resistance of centre rod (nQ) 0.1808 0.495
Resistance of TF limbs and feeders (nQ) 0.0832 0.45
Continuous DC current (MA) 32 10.5
Total required voltage (V) 7.92-8.45 9.45-9.92
Power dissipated in TF coils (MW) 253-270 99.2-104

6



1.3 The toroidal field power supply

A low-voltage high-current power supply system, based on conventional rectifying
techniques, has been proposed in [1.3] as a baseline option. The proposed distribution
power system is shown in Figure 1.5. Power is drawn either from a single step-down
400/22 kV, 400 MVA transformer, or directly from generator terminals at 22 kV. Power
at 22 kV is distributed through 16 feeder breakers to 25 MVA step-down regulator
transformers, with on-load tap changers providing 20% voltage regulation. Each
regulating transformer supplies four thyristor phase angle controllers, feeding a pair of
250 kA converter modules, with each converter module assembled with two 125 kA
rectifier modules, one on each side of the transformer. The lowest loss power circuit
topology is used, with the secondary windings of the converter transformers connected
in a half-wave double-star/inter-star configuration.

The lowest loss semiconductors are also employed (i.e. large 100 mm diameter thin-
slice silicon diodes). Each rectifier module comprises two 3-phase diode modules
forming 6 pulse groups. Plus and minus 15 degrees phase-shift windings, on alternative
converter pairs, ensure balanced 12 pulse operation. Each group of eight converter
modules are connected in parallel and feed a single pair of 2 MA radial bus bars. The

ratings of the main system components are summarised in Table 1.2.

400 MVA
400/22 kV
| | I |
Regulating ) ) : )
transformer
SMA (&) T ’ ”
22/10 kv
I |
Thyristor
controllers ﬂ ﬂ
10KV 6 MVA T 1 1
12 pulse Power factor
convertor correction and
groups of 4 harmonic filters
125 kA diode
T T T T T ' I I
3 e converters
v e ol
2 MA 2 MA 2 MA

Coil I._imb 1 Coil Limb 2 Coil Limb 16

Total magnet supbly: 32MA85V

Figure 1.5: Toroidal field coil power supply baseline design [1.3]



Table 1.2: Power system component ratings

Component Quantity Power Ratings
Supply transformer 1 3 Phase, 400 MVA, 400/22 kV, star/delta
Regulating transformers 16 3 Phase, 25 MVA, 22/10 kV, star/delta
Thyristor controllers 64 3 Phase, 6 MVA, 10 kV, 350 A
Converter transformers 128 3 Phase, 3 MVA, 10 kV/10 V, Interstar/double star
Rectifiers 128 2x 2.125 MW, 125 kA, 200 V, 6 pulse

The electrical efficiency of the complete power system has been estimated to be
approximately 67 % at full-load current, which relatively, is much lower than that
achieved for other converter applications with higher output voltage requirements [1.3].
An estimate for the total system power loss, starting from the regulating transformers,
shows that the low-voltage transformer-rectifier modules contribute highly to the

reduced system efficiency, as shown in Table 1.3.

Table 1.3: Estimated system power loss and efficiency [1.3]

System component Power Loss (MW)
Regulating transformers 3.6
Thyristor controllers 5.6
Transformer rectifier modules 122
Total TF coil power 254-270
Input power at 22 kV bus bars 385-401
Efficiency 66-67%

1.4 AC/DC conversion systems

AC/DC conversion systems may be basically classified into single-stage and double-
stage conversion systems [1.12]. Single-stage converters comprise simple transformer
rectifier units, in which a half-wave or full-wave rectifier circuit topology is used.
Lower output current/voltage ripple may be achieved by having multiple phase shifted
transformer secondary outputs, by using appropriate phase shifting. Single-stage
rectification may be then subcategorised, based on the semiconductor device used, into
diode rectification, thyristor rectification, and active rectification. Output voltage
control may be achieved in the case of thyristor and active rectification, while thyristor
phase control and/or regulating transformers are used in the case of diode rectification.
Active rectification has the added advantage of drawing power from the utility grid at
unity power factor and minimum harmonic distortion. For double-stage conversion, the

system consists of a conventional transformer rectifier unit followed by a switched
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mode power supply, connected through a DC link capacitor. The switched mode power
supply topology may be a DC/DC or DC/AC/DC conversion process, based on the
application requirements. Chopper circuits are an example of DC/DC converter
topologies, while an inverter-transformer-rectifier unit is considered a typical example
of DC/AC/DC conversion topologies. The basic classification of AC/DC conversion
systems is illustrated in Figure 1.6. Circuit diagrams showing the different rectification

topologies are shown in Figures 1.7 to 1.10 [1.13].

AC/DC
Conversion

v v
Single Stage Double Stage
Conversion Conversion

[ [

v v

Forced
Commutation

Natural
Commutation

v
Rectifier Stage + Rectifier Stage +
DC/DC conversion DC/AC/DC conversion
Y
Isolated
converters

Y
Semi- Chopper
controlled circuits

[Uncontrolled] [

Conventional Active
fully controlled rectifiers

Figure 1.6: Basic classification of AC/DC conversion systems
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Figure 1.7: Basic diode rectification circuit topologies showing 3 pulse and 6 pulse half-wave rectifiers in
(a) and (c), 6 pulse and 12 pulse full-wave rectifiers in (b) and (d) respectively
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The rectification topology choice is usually determined by the application requirements
(voltage/current ripple, volume, power rating, etc...). Electrolytic applications which
require high DC currents in the order of kilo Amperes, and DC voltage levels of a few
hundred volts, usually employ thyristor based configurations [1.14]. Single-stage full-
bridge or half-bridge rectifier configurations, with 12 pulse outputs are typically used.
Alternative rectifier configurations have been proposed to improve efficiency and
reduce supply harmonic content. Most are double stage converters utilising the use of
voltage source inverters to modulate the voltage delivered to a step down transformer
before the final rectifying stage [1.15]. For the rectifying stage, a current rating
requirement of the rectifying devices exceeds the capability of single device packages,
wherein parallel connected devices and parallel connected converters are used.
Similarly, 12 pulse full-bridge thyristor rectifiers are proposed for supplying the
HELIAS stellarator fusion reactor superconducting coils, at current and voltage levels of
16 kA and 300 V respectively [1.16]. However, for lower voltage levels, as required by
the EAST tokamak toroidal field coils (20 V, and 16 kA), half-wave rectification with a

double star configuration is used [1.17].

Superconducting magnets utilised in the Large Hadron Collider also require high DC
currents at very low voltages. A 20 kA, 6 V, power supply is presented in [1.18]. The
system is based on the double-stage conversion topology, in which a ZVS phase-shift
PWM inverter is used to supply a centre tapped rectifier transformer at 20 kHz. A
modular approach is used, where several converters are parallel connected to provide
the required current, as well as redundancy. Transformer primaries are connected in
series, while secondary circuits are connected in parallel to insure current sharing.
Parallel connected Schottky diodes are used in the rectification stage due to their lower
voltage drop, compared to conventional diodes. The use of a high frequency conversion
stage permits the use of reduced size magnetic components, namely transformers and
filtering components [1.19]. The basic high frequency rectifying topologies for high-
current low-voltage requirements are those utilising only one rectifying device per path,
such as centre tapped full wave rectifiers. Current-doubler, current-tripler, and n-tupler
topologies reduce the transformer secondary winding losses by using additional
inductors in the secondary rectifying circuits, as presented in [1.20], [1.21], and [1.22].
However, it may be inadequate at extremely high current requirements due to the

relative difficulty of obtaining high current inductors. A similar application in which a

11



20 MA current at 20 V supplies a single-turn toroidal field coil of the spherical
tokamak, wherein a synchronous rectifier using power MOSFET devices, at 50 Hz, is
proposed [1.23]. The voltage drop across MOSFET devices is much lower than that of
diodes, hence significantly improves converter efficiency. Paralleling MOSFETS is also
discussed to achieve further conduction loss reduction, due to the resistive
characteristics of MOSFET devices during their on-state. Additional device on-state
resistance reduction can be achieved by using liquid nitrogen cooling [1.24], [1.25]. A
bidirectional MOSFET switching element utilised in a full-bridge converter is also

proposed as a solution in [1.25].

1.5 PhD Objectives

The main objective of this PhD is to study the realisation of a high-current low-voltage
AC/DC converter system, for supplying the spherical tokamak toroidal field coils.
Based on the brief review presented in the previous section for similar applications, a
double stage conversion system is chosen. The high frequency DC/AC/DC conversion
stage can then be placed in close proximity to the TF coils, minimising high current bus
bar lengths and the associated losses. The use of high frequency transformers minimises
the final stage converter footprint. Centre-tapped half-wave rectification is employed
due to the low output voltage requirements. Parallel connected modules are to be used
for achieving the required final current ratings. A zero voltage switching (ZVS) phase
shift PWM inverter topology is used for the DC/AC conversion stage as a basic
approach to minimise switching power loss. Based on the available laboratory bench
power supply ratings, a DC link voltage of 600 V is assumed for implementing a lab-
scaled experimental setup. The design, simulation, and implementation of a centre
tapped, high current, high frequency transformer is also carried out. Synchronous
rectification is the best solution for minimising the low voltage rectification power loss.
This research is basically focusing on the second conversion stage, and reducing the low
voltage rectification power loss, for which the following key research points are

considered:

e The design, analysis and implementation of a MOSFET based, 600 V, phase-
shift PWM, zero voltage switching converters, as part of the DC/DC converter

under study.
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Investigate the cryogenic operation of MOSFET devices, to conclude if liquid
nitrogen cooling would offer significant on-resistance reduction for either the
low-voltage or high-voltage, commercially available MOSFET devices.

Design and implement a high-current low-voltage centre tapped transformer
based on the lowest loss core materials available, as high frequency transformers
are not available as standard wound components.

Study the parallel operation of MOSFET devices, and design a high current
synchronous rectifier module. An output current of 1 kA at 8.5 V is the target
design ratings, based on the available VA ratings available for the lab power
supplies. The output power rating of the converter is considered adequate for
representing a lab scaled high-current low-voltage DC/DC converter.
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Chapter 2

Zero Voltage Switching Phase-Shift PWM Resonant Converter

The conventional hard switched full-bridge converters prevent the realisation of high
efficiencies at high switching frequencies, due to the excessive switching losses. Zero
voltage switching (ZVS) phase-shift PWM resonant topologies have been widely used

in high power density converters, wherein the switching losses are almost eliminated.

This chapter presents the basic theory, design procedures, and power loss analysis
associated with zero voltage switching (ZVS) phase shift (PS) PWM resonant
converters. The design outline for the 600 V, 12 kW, resonant converter utilised in the
high-current low-voltage power supply is also presented, supported by Matlab Simulink

simulations.
2.1 Background

Resonant converters are widely used in low to medium power applications. The main
advantage behind such applicability is the reduced switching losses, wherein higher
switching frequencies can be adopted compared to conventional hard switched PWM
converters. Moreover, volume reduction in various magnetic/passive components can be
achieved. Switches are turned on and off near zero crossings of tank circuit voltage or
current waveforms, which are respectively defined as zero voltage switching (ZVS) and
zero current switching (ZCS), wherein output voltage is basically controlled by varying
the switching frequency (i.e. is load current dependant). However, resonant converter
operation cannot be optimised for wide loading ranges and significant currents may
circulate through the tank elements at light loads, leading to poor efficiencies.
Moreover, quasi-sinusoidal waveforms exhibit higher peak values than equivalent
rectangular waveforms, which may increase conduction losses and component stresses
to larger extent than that of switching losses in high power applications [2.1]. It is
difficult to optimise filter components used in conventional resonant converters, due to
the fact that a wide frequency range is required for operation [2.2]. However, other
topologies such as quasi-resonant, multi-resonant, and constant frequency resonant
techniques offer solutions to the large frequency range variations and component

stresses, with different design complexity levels, as presented in [2.3], [2.4], [2.5], and
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[2.6]. For high power applications, partial resonant converters are of advantage, in
which the resonant elements resonate partially; during the switching transient only, and
are not involved in the primary power transfer [2.7]. This overcomes the high resonant
tank VA ratings required in conventional resonant and quasi resonant converters.
Additionally, such topologies can utilise circuit parasitic elements (switching device
output capacitance and transformer leakage inductance), specifically for the phase-shift
PWM ZVS topology. ZVS is achieved for all full bridge converter switches by adopting
the resonant discharge of the switching device output capacitance and the transformer

leakage inductance.

ZVS phase-shift (PS) PWM converters operate at constant frequency, while the output
voltage may be regulated by phase shifting the leading and lagging bridge legs to adjust
the primary duty cycle. However, such a topology also suffers some limitations, such as
narrow ZVS range, duty cycle loss, secondary rectifier voltage ringing, and large
circulation energy. The ZVS range can be extended by employing different auxiliary
circuits [2.8], [2.9], [2.10], and [2.11]. A saturable reactor can be used instead of the
traditional linear inductor, or transformer equivalent leakage inductance, to reduce the
duty cycle loss and circulating energy [2.12]. Overshoot and voltage ringing across the
rectifier diodes can be reduced by using dissipative clamps [2.13], low-loss active
clamps [2.14], commutating aid circuits [2.15], or by employing a two inductor rectifier
[2.16].

ZVS PS PWM is more suitable for use with MOSFET switches than for IGBTSs.
However, it is desirable to use IGBTS, due to their lower conduction losses and higher
power density modules, especially for high voltage applications. The ZVS range of the
lagging bridge leg is limited when using IGBTS, unless the leakage inductance is large
[2.17], [2.18]. Moreover, IGBTs exhibit current tailing during turn off, which limits the
maximum operating frequency to about 20-30 kHz [2.19]. Additional capacitors are
required in parallel with the IGBTs to reduce the turn off switching loss, which may
reduce the ZVS range of the converter. However, applying active and passive auxiliary
circuits has been proposed in different topologies to achieve ZCS for the lagging leg
[2.20], [2.21], which adds complexity to the converter circuit, as well as extra switching

devices, and associated losses.
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2.2 Theory of operation

A full-bridge converter circuit is shown in Figure 2.1. The basic principle of ZVS is to
introduce a delay interval between the turn-off and turn-on of switches in each bridge
arm, during which, resonance occurs between the transformer leakage inductance and
the corresponding switch output capacitance. This dead-time delay interval is
conventionally used to avoid short circuit resulting from unintentional simultaneous
conduction of switches in the same arm. However, during this short interval, the
corresponding switch output capacitance is completely discharged, and the anti-parallel

diode is forced into conduction.

Turn-off ZVS is mainly achieved by the presence of the snubber/output capacitance, as
it slows down the drain source voltage rise. Moreover, the overlapping between the
rising drain source voltage and the decreasing drain current is small, due to the fast
response of MOSFET devices.

Output duty cycle variation is achieved by providing phase-shifting between the turn-on
of diagonally opposite switches. The mechanism by which ZVS is achieved is different
for both bridge arms. During the analysis it is assumed that no additional circuit
components are added. The transformer leakage inductance is used as the resonant
inductor and the device output capacitance is utilised as the snubber capacitance. The
following analysis is for the general converter case, where an output LC filter is used.
This analysis is considered valid in the case of removing the output capacitance, by
considering the instantaneous output voltage, which would be represented by a series of

square pulses having the same average voltage per cycle.

- - ,
S1 ::I ADIRC; s3 :<_-| AD3C; 1
+ + :

VGSl - VGS -

Vs1 Ly iL

Voc A~ Ci

= — D6 CiRREVL
s2 ::I ADZRC, 4 :4_-| AD&RC, > /,\ z
+ +

Ver - Vea -

"o

Figure 2.1: Full bridge ZVS phase shift PWM converter circuit
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2.2.1 Gate signal generation

A ramp waveform, with an instantaneous value of t_ , which resets at the end of the
required switching period T is used as a reference signal for generating the required
gate pulses. Given that t , is the left leg transition delay, t., is the right leg transition
delay, and t,¢ is the time/phase shift between both bridge legs, the turn-on conditions
for each switch are given in Table 2.1, and illustrated in Figure 2.2.

Table 2.1: Turn-on conditions for gate signal generation

Switch Turn-on conditions
S1 E > tramp >t
T
S2 T> tramp > tLL + E
T
S3 tog +15 = tramp > E + 1
T
S4 tps = tramp > E +1s +15
A
sy oy f
tps tps atE

T/2 T2

Vi1

V2 1

V31

VG4 A

i >t
Figure 2.2: Reference ramp signal and generated gate pulses

2.2.2 Modes of operation

The three main modes of operation shown in Figure 2.3 can be assessed by observing

the primary current waveform, as follows:
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a. Power delivery mode: (to- t1, ts- t7, ...)

The power delivery mode is the time interval in which either pair of the diagonally
opposite switches S1 and S4, or S2 and S3, are both turned on. This time interval is

directly proportional to the introduced phase shift, and is equal to D, xT /2, where D,

is the effective primary voltage duty cycle.
b. Freewheeling mode: (t;- t3, tg- to, ...)

This is the time interval in which each of the vertically opposite switches S1 and S3, or
S2 and S4 are in the on-state. This interval is inversely proportional to the applied phase
shift, and is equal to (1- D) xT/2, where D is the applied primary duty cycle. During
this interval, the primary current freewheels through the corresponding MOSFET
switches. Switch and circulation path conduction losses, as well as the reflected load,

cause this current to ramp down.
c. Slew mode: (t3- tg, tg- t1, ...)

The slew mode is the time interval in which the primary current reverses direction, and

is equal to AD xT/2, where AD is the duty cycle loss due to this process. It is directly
proportional to the load current and total reflected leakage inductance L, and inversely

proportional to the supply voltage V.. (Ve =L, Ai/At).

A
Ve b —+4 -

VGZ

VGS

A
Ves[
i tphase shift LT EE S

o
o
=
@D
]
o

eliver
/

Freewheeling

Y

o t tp ft3 s tg 7 tg tgthtll t2
Figure 2.3: Gate signals and transformer primary voltage and current
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2.2.3 The resonant cycle

With a sufficiently large transition delay between the upper and lower bridge leg
switches, resonant oscillation between the output capacitance and series leakage
inductance is observed. The upper and lower switches (S1 and S2) gate signals and
lower switch source drain voltage are shown in Figure 2.4. The amplitude of the
resonant cycle is directly proportional to the load current and the energy stored in the
leakage inductance. This amplitude decreases exponentially until it settles at half the
supply voltage (each device per branch, during open circuit, supports half the supply
voltage). The main requirement is to turn-on the switch at the instance where the peak
resonant cycle voltage reaches zero, thus the switch can be turned on at zero voltage. At
this instant, the minimum load for achieving ZVS is defined. However, at higher loads,
the peak value may be much higher and current starts flowing through switch S2 body
diode, and the source-drain voltage is clamped to the body diode voltage drop. In this
case, the energy stored in the leakage inductance is much larger than that required to

discharge the output capacitance, and circulates through the body diode into the supply.

Switch S2 turn-on should occur at the minimum point where the source-drain voltage
reaches zero, at full load. However, this leads to the loss of ZVS under other loading
conditions. Turn-on should be selected at the minimum load value which leads to the
peak resonant voltage waveform reaching zero. As S1 is turned off, the primary current
forces D2 to turn-on by discharging the output capacitance of S2, during the resonant
cycle. This is only achieved if the energy stored in the leakage inductance at this point is

greater than that stored in the resonant capacitor:

1 .,.1
EL iy >ECrVDC (2.1)

k'p =

The resonant frequency is defined as:

1

f=— "
" orJLC, (2.2)

where L, is the resonant inductance (transformer leakage inductance), and C; is the
resonant capacitance. Given that Cos is the device output capacitance and C, is the

transformer primary winding capacitance (which can be neglected since C, <2C),
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and taking into account that two output capacitances are present, effectively connected

in parallel, the resonant capacitance C; is:

C,=2C, +C,=2C, 2.3)
2 T T T T T
Upper Lower
switch switch
1——(S1) , (52),-x ___]

Left Leg Delay (t..)

[1] Pee——

Gate signals

1 i 1 H i i i
35 355 3.6 3.65 3.7 3.75 338 3.85
Time () <107

Resonant cycle

1)
=3
=)

Clamped to
" body digde
voltage drop

=

Lowér
L..switch 15
(S2) Vips  [u

w
=
S

Source-drain voltage (V)
Lo
s
2

_600 ! I I i i I
3.5 355 ° 3.6 3.65 3.7 3.75 3.8 3.85

Time (s) % 10'5

Figure 2.4: Large left leg transition delay (between S1 and S2) showing the resonant waveform across S2

2.2.4 Circuit analysis

a. Power delivery interval (to - t;)

Switches S1 and S4 are switched on during this interval as shown in Figure 2.5a, and
power is transferred to the load through diode D5. The transformer primary voltage and

current are:
v, (1) =Voc (2.4)
I (1) = E—ZiL(t) (2.5)
where i _(t) is the instantaneous filter inductor current, N, is the secondary transformer
winding turns, and N is the primary transformer winding turns. Assuming linearly
increasing current, the primary current can be expressed as:

; H Vs = Vioad &
Ip(t):hJ{L—f](N ]t (2.6)

p

where i, is the initial primary current at the beginning of the power delivery period and
(V, =V )/ L¢ is the filter inductor current slope (where v, is the transformer
secondary voltage and v, iS the load voltage), referred to the primary side by

multiplying by N /N .
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b. Right leg transition interval (t; — t)

The equivalent circuit showing the active components through this period is illustrated
in Figure 2.5b. Switch S4 is turned off, and resonance occurs between the reflected
inductance and the associated output capacitances. The output capacitance C, is charged
from 0 to Vpc, while the output capacitance Cs is discharged from Vpc to O.
Consequently, the body diode of S3 is turned on. Since the output capacitance of the
switch is small, the primary current can be assumed to be constant during this interval,

and the capacitor voltages can be expressed as:

Ves (1) =Vic —Cirjip(r)dTEVDc _niLC—(rti)(t_tl) 2.7
veelt) = = iy (e)ar =gy M b)y 28

rt r r

where n is the transformer turns ratio (N, /N ). It is clear that charging and discharging
the output capacitances C3 and C, is predominantly controlled by the load current. This
period should be adequately adjusted to assure S3 ZVS turn-on in the next period. The

transformer primary voltage can also be assumed to decay linearly to zero according to:

Vp (t) :VDC _Vc4(t) (29)
c. Freewheeling interval (t;— t3)

S3 is turned on at zero voltage, since the body diode starts conducting during the
previous interval. However, the body diode D3 continues to share the primary current.
No voltage is applied to the transformer primary winding, with current circulating
through S1, S3, and D3 as shown in Figure 2.5¢. Hence, the secondary winding voltages
are zero, and load current circulates through diodes D5 and DG6. Using linear

approximations, and given that i, is the initial primary current at which this interval

starts, the primary current can be obtained similar to Equation (2.6):

i i VLoad &
Ip(t):Iz_(L_fJ{Nth (210)
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Figure 2.5: Equivalent circuit showing the conducting switching through: (a) Power delivery
interval (t, - t;), (b) Right leg transition interval (t; —t,), (c) Freewheeling interval (t, — t3),

(d) Left leg transition interval (t; —t,), (€) Slew interval (t, — ts), and (f) Slew interval (ts — tg)

d. Left leg transition interval (t3— ts)

S1 is turned off at the beginning of this interval. The energy stored in the leakage
inductance is used to charge C; from 0 to Vpc, and discharge C, from Vpc to 0, as
shown in Figure 2.5d. This forces the body diode D2 to conduct. By using linear

approximations, the capacitance voltages are:

t- H t3
(0= filpse =gy @11
Vo (1) =Voo - fi, (£)de =V 28t 1,
c2 A oc T 3 (2.12)

V, (1) =—ve, (1) (2.13)
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The transformer primary voltage starts rising from 0 to —Vp¢ at the end of this interval,
while the primary current starts to decay governed by the leakage inductance, given that

I, is the initial primary current at which this interval starts:

. Y
i (t)=1, —[ﬁ]t (2.14)
e. Slew interval (t;—ts)

This interval initiates when S2 is turned on under a ZVS condition. The transformer
primary voltage is —Vpc, and the primary current continues to decay according to
Equation (2.14). Secondary winding voltages remain zero, since primary current did not
reverse direction. Load current continues circulating through the two rectifier switches
as shown in Figure 2.5e, and no power is delivered to the load (from the primary side).
Body diodes D2 and D3 continue to share the primary current with switch S2 until

current reversal.
f. Slew interval (ts — tg)

This interval is the same as the previous one, except that the primary current has
reversed direction as shown in Figure 2.5f. Primary current flows through switches S2
and S3 respectively. This period terminates when the excess energy stored in the
leakage inductance is all returned to the supply. Then a power delivery interval takes
place, repeating the same sequence of intervals for the negative half cycle, which are
shown in Figure 2.6.

2.2.5 Selecting the delay intervals

a. Left leg transition delay (t.):

Turn-on ZVS is achieved for the left leg switches S1 and S2 by switching the
corresponding switch at the peak instant of the resonant waveform. That is, at one

quarter of the resonant period:

t, :% LC, (2.15)

b. Right leg transition delay (tr.):

During this transition, both the energy stored in the transformer leakage inductance and

the load inductance is used to achieve ZVS for switch S3. By substituting v ,(t,) =Vpc

in Equation (2.8):
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Vv
Aty =ty =—><C, (2.16)

)

To ensure ZVS operation, the right leg transition delay should be selected to be greater

than At,,, say twice this value [2.22]:

to = —2& (2.17)

where i is to be substituted with the peak primary current. In this case ZVS operation

may be lost at light loads.

Y|
Y|

51J SlJ::'
— wr—
i lp
+ P +
7~ Voc Vo T Voc Ve
- N A
S SAEI
(e) ()

Figure 2.6: Equivalent circuit showing the conducting switching through: (a) Power delivery
interval (ts — t7), (b) Right leg transition interval (t; — tg), (c) Freewheeling interval (tg — tg), (d)
Left leg transition interval (tg — t10), (€) Slew interval (t;o — t;3), and (f) Slew interval (t;; — t3,)
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To maintain a wider ZVS range, the right leg transition interval can be chosen at the
minimum primary current required to achieve ZVS. That is, when the energy stored in

the leakage inductance is equal to the energy stored in the resonant capacitance:

1 1 .
ECrVDZC = E Lrlriin

’ 2
imin = Crl\_/DC (219)

is the minimum primary current at which ZVS occurs. A more accurate

(2.18)

where i,

n
approach to calculate the minimum current, is to consider the capacitance variation with

source to drain voltage in calculating the stored energy, which is given by [2.23]:

\/Cr (VOSS )112 (VDC )3/2 (220)
L

r

min

where V. is the drain-source voltage at which the device output capacitance is given

in the manufacturer’s datasheet. However, when the right leg delay is calculated at the
minimum primary current, additional power loss due to current circulating in the device
body diode should be considered. The right leg delay is chosen according to Equations
(2.16), (2.17) and (2.20):

t <t VoG, (2.21)

RL,min —

RLS tRL,max =

2.2.6 The effective duty cycle

During the slew interval, no energy is transferred to the load until the primary current
reverses direction. This interval mainly depends on the reflected leakage inductance.
During this interval, the load current circulates through both rectifier diodes since the
transformer secondary voltage is zero. The primary duty cycle, as shown in Figure 2.7,

may be defined as:

D=D,, +AD (2.22)

where D is the primary voltage duty cycle (defined from 0 to 1), De is the reflected
effective secondary duty cycle, and AD s the duty cycle loss. The voltage across the
leakage inductance can be approximated as:

Ai I +1,

V — L slew __ L
bc = Sk Tt Ik ADT/2 (2.23)
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Hence, the duty cycle loss is:

AD = 2hu

f(i;+1) (2.24)

DC

where fs is the switching frequency. The currents i3 and i; can be obtained from the

secondary side inductor current:

. Ai, .. |N
iy =(ILoad +71—A|2j NS (2.25)
p
: Ai, \ N
I :(ILoad _?JN_S (226)
p
where:
.oV =V T
Al = =S Load D—
1 —Lf > (2.27)
Vv T
Ai, =20 (1-D)— (2.28)
Lf
by substituting into Equation (2.24):
2L, V TN
AD=—"%f 2]  ——t2(1_D)— = 2.2
VDC s( Load Lf ( )Z]Np ( 9)

The voltage transformation ratio for the DC/DC converter, neglecting inverter and

rectifier switch voltage drops, can be approximated as:

V N

_load _ _7s D
Vo, N (2.30)

By substituting into Equation (2.29), and neglecting the term containing (1- D), since

it is much smaller than 21, :

~ap=2hs (21, ) Ne

Ve N,

by substituting for the input voltage V. using Equation (2.30):

2
- AD=D,, Ml ¢ [N_j 2:31)

Load N p
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by substituting into Equation (2.22), given that R .y =V g /licaa) (N, /N,)?, the

effective duty cycle is:

o,- D
(“ 4L, f] (2.32)
RLoad
where R, is the load resistance referred to the primary side. Secondary side voltage,

filter inductor current, load current, and load voltage are shown in Figure 2.7.

Duty cycle loss

DerT/2 (1-D)T/2
—> >

YS].:VSZ

VLoad

AT
I— 5T — — — =

i’ I

v

to tt s s ite oty it it

\4

Figure 2.7: Primary voltage, primary current, transformer secondary voltage, filter inductor current, load
voltage and load current waveforms, showing the duty cycle loss and the effective secondary duty cycle

2.2.7 Rectifier side ringing

The transformer leakage inductance, secondary winding capacitance, and the diode
reverse recovery characteristics cause voltage ringing across each rectifier switch, with

a resonating frequency of:

1
Zn\/(Ns IN,) L,C (2:33)

rr

f =

rr
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where C, is the total secondary transformer winding and rectifier diode capacitances.

This ringing can be adequately damped by using snubber circuits, or by using clamping
circuits if snubber circuit power loss is too high.
2.2.8 Power loss analysis

Since all switches are turned on with ZVS conditions, the conduction power loss

through each switch is only considered, and is calculated by substituting into:

I:)cond = ir2ms Rds(on) (234)

The RMS current through each switch can be calculated by integrating the current
waveforms in each interval, as illustrated in Appendix Al. Hence, the power losses in

switches S1 and S2 are:

o i ]
[if +%+ ilAilj D,, +(i22 +A—3:2— izAizj(l— D)

_ _ 2.35
1 i2)AD (i2)AD on (235)
H ox 2 | —+| L | —

2" 3)2 "|3)2 |

P51,52 =2

Noted that the primary current is shared between the switch and the body diode until

current reversal during the interval AD,. It is assumed that current is shared equally

between the two devices. Similarly, for the right leg switches S3 and S4:

] 3 3 _
[if +%+ilAil] D,, +[%x[i§+A—3lz—i2Ai2D(l— D)
Possa =2 . .
1 1,°)AD (17 AD
H x| =+ L | =
' 273)2 '(3)2

where it is assumed that the body diode equally shares the current with each switch in

I:st(on) (236)

the intervals AD, and (1— D) . The power loss through the body diodes can be calculated
by substituting into:

Paiode = Vonlay (2.37)
where Vo, is the diode forward voltage drop, and i, is the average current through the

diode. Body diodes D1 and D2 power losses are:

[
Porpz = Vo, (EsjADl (2.38)
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similarly, body diodes D3 and D4 power losses are:

P03,04 =

2V

{heo-(z)a]

(2.39)

The intervals through which each switch and/or body diode is conducting during the

positive and negative half cycles are given in Tables 2.2 and 2.3 respectively, and

illustrated in Figures 2.8a and 2.8b.

Table 2.2: Switches and antiparallel diodes in conduction mode during the positive half cycle intervals

Positive half-cycle

conduction

Interval Power delivery Freewheeling Slew

Duration Dy 1-D AD,=AD/2 | AD,=AD/2
Switches in conduction S1, 54 Sy, S3 S,, S3
Anti-parallel diodes in ) Ds D,, Ds )

Table 2.3: Switches and antiparallel diodes in conduction mode during the negative half cycle intervals

Negative half-cycle

Interval Power delivery | Freewheeling Slew
Duration Dy 1-D AD,=AD/2 | AD,=AD/2
Switches in conduction S,, S3 S,, Sy S, S,
Anti-parallel diodes in
conduction D, Dy, D
4 Deff (l'D) AD Deff (l'D) AD
<>
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Figure 2.8: primary current showing conduction through (a) left leg and (b) right leg switches

2.3 ZVS phase-shift PWM DC/DC converter design

Design data used for the DC/DC converter are given in Table 2.4. The MOSFET device
IXFN32N120 is used, with rated voltage and current of 1200 V, 32 A respectively, and
on-resistance of 0.35 Q. The device datasheet is given in Appendix A. Noting that at the
time of conducting the survey for device selection, the selected 1200 V MOSFET

device showed the lowest on-resistance against amongst other lower voltage devices.

Table 2.4: Given data for the DC/DC converter circuit

Specification Value
Input voltage (Vpc) 600 V
Transformer turns ratio (N,/Ns) 54:1
Transformer Leakage inductance (L) 43 uH
Filter Inductor (Ly) 250 nH
Load resistance (Riqaq) 0.0095 Q
Operating frequency (f,) 14 kHz

Two devices are used in parallel to reduce the conduction power loss and heat sinking
requirements, and hence twice the effective switch output capacitance (2000 pF) is used
as the resonant capacitance (and neglecting the transformer primary inter-winding
capacitance). The transformer leakage inductance (43 upH) is used as the resonant

inductance. The left leg delay, according to Equation (2.15), is:

T
= 5\/ L,C, =0.65us (2.40)

The minimum primary current to achieve zero voltage switching according to Equation
(2.20), is:
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min

2 a2
\/Cr(VOSS) (Voe) —261A (2.41)

L

r

The effective secondary duty cycle, at full primary duty cycle (D =1), according to
Equation (2.32), is:

D, -—2  __0@
(1+4,le f ] (2.42)

Load
The rectifier switches are assumed to provide a voltage drop of 0.15 V, using
synchronous rectification with 10 MOSFET devices in parallel per branch (each device
having an on-resistance of 1.5 mQ, and carrying approximately 100 A). The load

voltage is:
NS
VLoad :VDC X N— X Deff - 015 = 1007V (243)
p

To calculate the conduction power loss, the current values (iy, i, and iz) and the current

differences (Ai, and Ai,) must be calculated. These are obtained by calculating the
filter inductor current ripple using Equations (2.27), (2.28), and substituting (D =1):
v,V T

Ai, L—de D, - =1365A (2.44)
AL :VlL_—"fad(l— D)g -0 (2.45)
The currents i; and i, are:
L= Load—%:\éiﬁ—%il‘:%ZA (2.46)
=1, +A7ill = %4_& =1128.5A (2.47)
i, =i, — Ai, =1128.5A (2.48)

Hence, the primary side currents (i, i, i3, Ai;, and Ai,) are:

I, =18.37A (2.49)

i, =i, = 20.90A (2.50)
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Ai, =2.52A (2.51)

Ai, =0 (2.52)
Substituting into Equations (2.35), (2.36), (2.38) and (2.39), the total conduction power

loss is:

P

loss

=127.4W (2.53)
2.4 Simulation results

The Matlab Simulink model used for obtaining the simulation results is given in the

Appendix. The left leg delay according to Equation (2.15) is:

T
t, = 5\/ LC, =0.65us (2.54)

The right leg transition delay is chosen according to Equation (2.17):

2V,.C
t, = % =0.23us (2.55)
3
Gate signals for left and right arm switches, showing each bridge-arm transition delays
at full primary duty-cycle (that is, zero phase shift between the leading and lagging

bridge legs), are shown in Figure 2.9a and 2.9b respectively.
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Figure 2.9: Gate signals to the (a) left bridge leg and (b) right bridge leg switches, showing the left leg
and right leg transition delays

During the right leg and left leg delay intervals, the body diodes of the respective
switches are forced to conduct. This is shown for switches S1 and S2 in Figure 2.10a
and 2.10b respectively, and for switches S3 and S4 in Figure 2.10c and 2.10d
respectively, where the voltage drop across the switches, body diode current conduction,

and main switch currents are plotted for each switch.
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Figure 2.10: Zero voltage switching operation; (i) switch voltage, (ii) switch body diode current, and (iii)
main switch current, for switches (a) S1, (b) S2, (c) S3, and (d) S4
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Primary voltage and current waveforms are shown in Figure 2.11, parts a and b,
respectively. Transformer secondary voltage duty cycle loss is observed in Figure 2.11c,
during which the primary current reverses direction and the secondary voltage is zero.
Filter inductor current is also shown in Figure 2.12. Finally, load voltage and current are
shown in Figure 2.13a and 2.13b respectively.
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Figure 2.11: Inverter output at full duty cycle; (a) transformer primary voltage, (b) current, and (c)
secondary voltage, showing the secondary side duty cycle loss

1100

E 1050

5

E \/\/\/\
E 1000

5

rent (A)

=

950

5 51 52 53 54 55 56 57 58 59 6
Time (s)

Figure 2.12: Filter inductor current

12 . - - - 1200
= 1000
< =
< <
e = 800+
£ 5
S E 600}
g =
§ g 400+
= S
200}
4 5 7 = -
. 04 2 04 06 0 s - ] . .2 03 04 0.5 0.6 0.7 0.8 0.9 1
Time (s) x10 Time (s) x10°
(@) (b)

Figure 2.13: (a) Load voltage, and (b) load current

The effective secondary duty cycle obtained by simulation is approximately 0.88, while
the total bridge power loss is approximately 143.1 W.
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2.5 Summary and discussion

The ZVS phase shift PWM topology has been briefly discussed. Various design
considerations, power loss analysis, as well as expressions for the different variables
required for obtaining a successful design are also presented. Finally, the initial design
of the 600 V, 14 kHz inverter, to be utilised in the high-current low-voltage DC/DC
converter is presented, showing various design procedures, power loss analysis, and

simulation results.
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Chapter 3
Cryogenic Operation of MOSFETS

Several semiconductor devices have been tested at cryogenic temperatures to show
potential benefits, such as the possibility of operating at higher frequencies, reduced
power loss, and improved reverse recovery characteristics. MOSFET devices have
shown the best operation improvements, mainly due to the on-resistance reduction.
However, most reported experiments are carried out on discrete devices, and no
complete experimental survey on commercially available devices is available.
Additionally, devices are not specified by the manufacturer to operate at cryogenic

temperatures.

This chapter presents an experimental survey of MOSFET device on-resistance
reduction factors for 16 commercially available MOSFET devices, covering most
voltage and current ratings, to show the most suitable devices for such operation.
Applicability to the high voltage inverter devices or to the low voltage synchronous
rectifier devices, as well as considerations for attaining a reliable operation, are then

discussed.
3.1 Background

Many applications require cryogenic cooling, such as applications integrating
superconducting materials (superconducting power transmission and distribution, high
temperature superconducting transformers, superconducting motors and generators,
energy storage systems based on superconducting inductors or cooled capacitors, and
superconducting coils or magnets used in magnetic resonance imaging medical
equipment and magnetically levitated trains). While other applications require electronic
components to operate at cryogenic temperatures, such as outer space applications,
military surveillance systems, and supercomputers. This started questioning for the
possibility of using cryogenically cooled power electronic devices, and what
performance benefits may be gained. In such operating conditions, power circuits are
expected to operate with improved efficiency and reliability due to lower junction
temperatures, and reduced overall footprint due to the improved thermal conductivity of

silicon, as well as packaging materials [3.1].
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The operating characteristics for different semiconductor devices have been previously
reported at cryogenic temperatures, in which a few improvements contributing to the

overall performance are discussed.

Silicon pn junction diodes exhibit increased forward voltage as the temperature
decreases from 300K to 77K, decreased breakdown voltage, and reduced reverse
leakage current and output capacitance. The forward voltage increases by approximately
40% at 1 A for a 200 V silicon diode as shown in [3.2]. Silicon diodes poses high
temperature sensitivity and wide operating temperature ranges, which is achieved by
carefully adjusting the doping profiles to minimise freezout effects, hence are typically
used as temperature sensors in cryogenic thermometry in the range of 500K to 1.4K
[3.3], [3.4]. The forward voltage for germanium power diodes also increase with
decreased temperature, but is much less than that for Si power devices. A 100 V Ge
diode shows half the forward voltage drop of that for a similar Si diode at 77K, as
shown in [3.5]. The peak reverse recovery current for the Ge diode is also reduced to
nearly half its value at 77K compared to that at 300K. However, reverse characteristics
are similar for both Si and Ge diodes, as both show reduced peak reverse recovery
current, reverse leakage current and breakdown voltage as temperature decreases to
77K. However, germanium based devices are usually preferred for power applications
operating at cryogenic temperatures down to 20K, due to the higher electron and hole
mobilities and lower dopant freezout temperatures compared to that of silicon devices,

and more importantly due to their lower forward voltage drops [3.5].

Cryogenically cooled P-i-N power diodes show an increased forward voltage drop at
low current densities, while it decreases when operated at currents exceeding rated
value. The forward voltage of a 1200 V P-i-N diode increases by 20% as the
temperature decreases from 300K to 77K and operated at rates current (4 A), while it
decreases by 15% with the decrease in temperature when operated at 2.5 times rated
current (10 A). Both cases showed approximately the same forward voltage drop at
77K. Moreover, reduced reverse recovery characteristics (reduced peak reverse current

and di/dt) are obtained at 77K, hence cryogenically cooled P-i-N diodes can be

operated at higher switching frequencies as well as higher current densities [3.6].

Silicon Schottky barrier diodes are reported to exhibit an increased forward voltage drop

of up to 50% at 77K, and a dramatically reduced reverse leakage current [3.2]. The ideal
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breakdown voltage of silicon Schottky diodes is predicted to increase to approximately
twice their value at room temperature compared to that at 77K [3.7]. Silicon carbide
Schottky diodes which are best suited for high voltage applications (due to their lower
switching losses and reverse recovery characteristics) also show increased forward
voltages at lower temperatures, and reduced reverse leakage currents. Forward voltage
drop increased by 43% and 53% for 300 V and 600 V devices respectively as shown in
[3.8]. However, no significant change with temperature is typically observed for SiC
Schottky diode switching losses, and such devices are best operated at high

temperatures [3.9].

Bipolar junction transistors (BJTs) suffer from decreased current gains, and increased
base-emitter and collector-emitter voltage drops at 77K. Collector-emitter breakdown
voltage increases, while collector-base breakdown voltage decreases as the temperature
is reduced from 300K to 77K. A 500 V, 4 A BJT is operated at 77K in [3.10], during
which the current gain decreased by 13 times, collector-base breakdown voltage
decreased by 1.2 times, collector-emitter breakdown voltage increased by 1.2 times, and
a 3.5 times reduction in fall times is achieved. BJTs may be optimised for 77K
operation by reducing the emitter doping concentration and increasing the emitter area
to reduce bandgap narrowing effects and maintain a constant gain for different collector
currents at the same collector emitter breakdown voltage. An optimised BJT for 77K
operation has 2.5 times die area, while switching times decreased by 12 times,
compared to 300K optimised devices [3.10]. As mentioned, germanium device are more
suitable for operation at cryogenic temperatures lower than 77K. A 50 V, 5 A SiGe
heterojuction bipolar transistor, in conjunction with a SiGe diode, used in a boost power
converter, showed a conversion efficiency of 90% at 40K compared to 75% at room

temperature [3.11].

MOSFET devices have gained considerable attention due to their improved
performance at cryogenic temperatures. The reduced on-state channel resistance is the
main improvement, which is due to the increase in carrier mobilities at lower
temperatures [3.12]. Moreover, carrier freezout does not occur at cryogenic
temperatures below 40K due to the vertical field caused by the gate voltage across the
channel, which ionises the frozen-out channel carriers [3.13]. However, this is not the
case for high voltage devices in which the channel resistance is dominated by the drift
region resistance, and carrier freezout is observed at temperatures below 30K [3.14].
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Reported channel resistance reductions are 21, 13, 11, 3.33, 2.14, 7.25, and 1.2 times for
1000 V, 700 V, 500 V, 250 V, 50 V, 30 V, and 16 V devices respectively in [3.12],
[3.15], [3.16], [3.17], and [3.18]. The on-resistance reduction is higher for high-voltage
devices due to the high drift region mobility temperature dependence [3.17]. An
increase in the MOSFET device transconductance of 2-3 times at 77K is also noted in
[3.12]. Device switching losses are also reported to decrease in both hard switching and
soft switching topologies [3.19]. This is mainly contributable to the reduction in
recovery characteristics of the device body diode in soft switching, and reduced device
output capacitance in hard switching [3.17]. Significant reduction in reverse recovery

times, and turn off current slopes are also shown in [3.20].

The downsides for MOSFET device cryogenic operation are decreased breakdown
voltage and increased threshold voltage. A larger gate voltage may be required to form
the inversion layer, so as to overcome the increased threshold voltage. Threshold
voltages are reported to increase by approximately 1 V at 77K [3.12]. While breakdown
voltages are reported to decrease by 19 to 23% in [3.20]. However, the overall device
characteristics at 77K are considered to provide significant improvement. Applications
such as resonant converters and high-current low-voltage synchronous rectification are
reported to achieve higher conversion efficiencies at cryogenic temperatures [3.18],
[3.21], [3.22], [3.23], [3.24], and [3.25].

IGBTSs have similar device structures to MOSFETS, and are expected to achieve similar
performance at cryogenic temperatures. The IGBT, during the on-state, is modelled as a
MOSFET device feeding the base current of a p-n-p transistor [3.26].The forward
voltage drop for a 600 V n-channel IGBT decreased until the temperature reached 195K
and then increased [3.26]. This is due to the merged characteristics of the MOSFET and
BJT devices. Conduction losses for punch through (PT) and non-punch through (NPT)
1200 V, 600 A IGBTSs are observed to decrease as the temperature decreases from 300K
to 250K, remaining near constant in the range 250K to 70K, and increase rapidly below
70K [3.27]. Increased threshold voltage at low temperatures is also reported, which is
due to the reduction in the intrinsic carrier concentrations. Turn-off times decrease by a
factor of 4 [3.28]. However, improvements in MOSFET device characteristics show

better power saving benefits than IGBTs [3.29].
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3.2 MOSFET device modelling

MOSFET devices are either n-channel or p-channel, which are subcategorised into
depletion mode (normally on) and enhancement mode (normally off). However, the
review presented in the following sections focuses on n-channel enhancement mode

devices.
3.2.1 Basic device structures

The planar structure was the first form MOSFET devices, which evolved from the
successful manufacture of JFETs. The manufacturing process basically starts by
forming the silicon dioxide insulating layer on top of the p-type silicon crystalline slice
by using a thermal process. Impurities with controlled levels of doping are then inserted
either by diffusion or by ion implantation into photolithographic windows etched
through the oxide layer, forming the source and drain n-regions. Finally, a conducting
film is added and etched to form a pattern of source, drain, and gate interconnections on
the surface [3.30]. A cross section view of one device cell is shown in Figure 3.1.

Silicon oxide
Source contact Gate metallization Drain contact
S A r'ed
\ n* ] n*

p substrate

Figure 3.1: Planar MOSFET device structure

This device structure is widely used for NMOS and CMOS integrated components. For
power applications, many individual planar devices are connected in parallel during the
metallisation process. However, such a structure is not suitable for high voltage and

high power applications, due to [3.30]:

e The drain-source spacing has to be increased to obtain high blocking voltage
capabilities.

e Source, drain and gate connections are on the surface, which also complicates
the metallisation process.

e The two previous points cause a low utilisation factor of utilised silicon die area.
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However, the vertical MOSFET structure avoids the disadvantages mentioned above, in
which the substrate material forms the drain contact, allowing current to flow vertically
through the device [3.31]. A cross section view of a vertical double diffused device
structure (VDMOS) is shown in Figure 3.2. The higher voltage blocking capability is
obtained by increasing the thickness and reducing the doping level of the drift region.

Source contact Gate metallization  Silicon oxide
(shorted to body)
| f ——
N N
p (body) p (body)
Body diode

n"(drift region)

n* substrate

A |
Drain contact

Figure 3.2: Vertical MOSFET (VDMOS) device structure

The on-resistance of VDMOS structures increases significantly for higher voltage
devices, where the drift region contributes a major portion of the overall resistance. The
drift region resistance contributes nearly 95% of the total on-resistance of 600 V
devices, while almost 30% of 30 V devices [3.32]. However, the CoolMOS™ structure
presents a lower on-resistance device structure design, which is lower by a factor of 5
compared to VDMOS devices [3.33]. This is achieved by processing additional vertical
p-stripes into the drift region and increasing the doping level by an order of magnitude.
During reverse bias, a lateral electric field is built up, which drives the charge towards
the contact regions, and the drift region acts as a voltage sustaining layer of a P-i-N
structure [3.32]. A cross section view of a CoolMOS™ cell structure is shown in Figure
3.3.

Source contact Gate metallization  Silicon oxide

(shorted to body)
\ n+ J{ \\ n+ T

p* (body) p* (body)

p p
n”(drift region)

n* substrate

A
]
Drain contact

Figure 3.3: CoolMOS™ device structure
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3.2.2 MOSFET device operation

The basic operation of a power MOSFET depends on the formation of a conductive
path between the n+ source and drift regions, due to the gate induced electric field. A
MOSFET device is judged by the total current path resistance (on-resistance) during its
on-state, the drain current rate of change with the gate bias rate of change
(transconductance), and the device voltage blocking capability during the off-state
[3.12]. However, a trade-off between on-resistance and breakdown voltage is due to the
increased drift region thickness for higher blocking voltage requirements. The on-
resistance, threshold voltage, transconductance, and breakdown voltage are all
temperature dependant parameters. However, only on-resistance is considered during
the analysis, as it is the parameter that contributes significantly to the device power loss,

for the considered application.
3.2.3 Device on-resistance variation with temperature

The relation between on-resistance per unit area (R, ) and breakdown voltage (BV ),

for power MOSFET devices, is given by [3.34]:
R, =4.74x10°BV?® 3.1)
while, for CoolMOS™ device structure [3.35]:

R,, =2.6x107C BV (3.2)

where C_ is the device cell pitch, and BV is the device breakdown voltage. This shows

that CoolMOS™ devices have lower on-resistance for the same breakdown voltage, at a
given cell pitch. However, more specific relations are required to study temperature
variation effects on channel resistance. The channel resistance of various MOSFET
structures can be analysed by considering the basic n-channel lateral MOSFET
structure. The structure consists of an n+ source and drain regions diffused into a p base
region. The contact of the p-base region is also connected to the source contact, to
account for breakdown voltage reductions caused by the internal parasitic bipolar

transistor. When a positive gate bias (V,), above the threshold voltage for the MOS

structure (V,,), is applied to the gate electrode, an inversion layer is formed below the
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gate to create the n-channel. Assuming a uniformly distributed charge across the
channel, the charge in the channel under the gate is [3.34]:

Q = Cox (Vg _Vth) (33)

where C,, is the oxide layer capacitance. A finite voltage drop, which opposes the

applied gate bias, occurs across the channel due to its finite resistance. Consequently,
the charge distribution across the inversion channel decreases linearly towards the drain
end. Consider an elemental segment dx of the channel, located at a distance x from the

source n+ region as shown in Figure 3.4. The resistance of this segment is [3.34]:

dx

dR :Wch/uniQ(X) (34)

where W, is the channel width orthogonal to the cross section view, g, is the
inversion layer electron mobility, and Q(x) is the charge in the inversion layer at this

point [3.34]:
Q(X) = Co, (Vg = Vi —V (X)) (3.5)

and V (x) is the local potential caused by the finite channel resistance at this point. The

voltage drop across the element due to the channel current flow is:

dv =1,dR (3.6)
Source contact Drain contact
Sa rg
L\ n* / ! n*
Inversion layer
R .
Len " Depletion boundry
p substrate

Figure 3.4: Lateral MOSFET structure showing the formed inversion layer

by substitution:
Len Vp
[ Todx =W, 1,C,, [ (v, =V, =V )V 3.7)
0 0

where L, is the channel length.
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By integrating, the drain current is [3.34]:

Wc /uniCox 2
D~ hzT(z(Vg _Vth)VD _VD) (3.8)
which describes the device I-V characteristics in the saturated current regime of
operation. When the drain bias voltage becomes very small compared to the gate
voltage, the second term becomes negligible, and the device enters the linear regime of
operation, described by:
Wch/unicox

ID:— g_Vth VD
L, (\ Vo) (3.9)

where, the channel resistance can be defined as [3.34]:

Ry =22 = = 3.10
’ ID W h/unicox(vg _Vth) ( ' )

Cl

For a VDMOSFET structure, the on resistance is defined as the total resistance to
current flow between the drain and source electrodes, which is described as [3.12],
[3.34]:

Ron = RSC + Rn+ + Rch + I:QA + RJFET + RD + RSUB + RDC (311)

where R is the source contact resistance, R,, is the n* source region resistance, R, is
the channel resistance, R, is the accumulation region resistance, R, is the JFET
region resistance, R, is the drift region resistance, Ry is the substrate resistance, and

Ry IS the drain contact resistance; as shown in Figure 3.5.

RrgT z
. /g n"(drift region)
D
Rsus " § n* substrate
3
Roc

Figure 3.5: Power VDMOS structure showing the various internal resistances
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The source contact resistance is determined by dividing the specific contact resistance
by the contact area, and is given by [3.34]:

R ___ 2P
SC Wch(LC _ Ls) (3.12)
where L, is the contact window length, and L, is the n+ source ion implant window

length. The n+ source region resistance is determined by the sheet resistance of the n+
diffusion (p,., ), and its length (L., ) [3.34]:

Ln+
R = P W (3.13)
ch

The channel resistance (R, ) is determined as in the case of the lateral MOS structure

[3.34]:

L

— ch

Rc
" WchluniCox (Vg _Vth ) (3 14)

where L, is usually defined as the difference between the p base depth and the n+

source junctions below the gate [3.34]:

Loy = Xjp = Xy (3.15)
where X;, is the p base region junction depth, and x;,, is the n+ source region junction
depth. The accumulation resistance is defined as [3.34]:

R, = s
A WchzunACox (Vg _Vth) (316)

where ., is the accumulation layer mobility. The JFET region resistance is [3.34]:

X.
R = ip
e Wchq:unBND(l—g _2ij _2Lo) (317)

where g is the bulk mobility, qis the electron charge, N, is the JFET doping
concentration, L, is the polysilicon gate length, and L, is the zero bias depletion length

of the JFET region.
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The drift region resistance is given by [3.34]:

t L
R, = In(—=L)
i Wchq/unBND(Lceu - a) a (318)

where L_, is the total cell length, and a is given by [3.34]:

cell
a=L,—2x;,—2L, (3.19)
The substrate resistance is given by [3.34]:

(3.20)

Rsue = Psustsus

where pg, is the resistivity of the n+ substrate and tg ; is the substrate thickness. The

drain contact resistance can be similarly obtained by multiplying the material resistivity
by the contact thickness. A titanium contact layer with a coating of nickel and silver is
normally used. The dimensions used for the different resistances are shown in Figure
3.6.

n"(drift region)

Figure 3.6: Power VDMOSFET structure showing the different dimensions used for the on-resistance
analysis

The MOSFET on-resistance decreases with decreased temperature, due to the increase
in electron mobilities at low temperatures. This is mainly due to the reduction in photon
scattering, which is the dominant scattering mechanism in silicon. The temperature

dependence for channel mobility (. ), accumulation layer mobility ( z,,), and bulk

mobility () can be defined by the following relations [3.12]:

T (3.21)
- =357(—)**  cm?/V.sec
o =357(550)
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(3.22)

)—0.81

T
=757(— cm? /V.sec
Hoa (300

g =1350($)2-“2 T > 200K (3.23)
Lo = 3601(%)‘2 77K <T < 200K (3:24)
The drift region resistance contributes the major part of the total on-resistance for high
voltage devices. Increasing the layer thickness and decreasing the doping concentration
are used to increase the voltage blocking capability. However, the bulk mobility has a
higher temperature sensitivity than other mobilities, with a greater reduction in the
equivalent resistance for the higher voltage devices, due to the fact that this region is
lightly doped. The on-resistance for CoolMOS™ device structures is similar to the on-
resistance of VDMOS structures, except that the drift region resistance is reduced due to
the higher doping concentrations, with an approximately halved cross section area
[3.36]. Hence, on-resistance reduction with temperature is expected to be less than that
of VDMOS devices.

3.3 Experimental results

Experimental testing at liquid nitrogen temperature (77K) is carried out on various
commercially available power MOSFET devices, with voltage ratings ranging from 24
V to 1500 V. Device datasheets are given in the Appendix. A cryogenic cooling system
was built, consisting of a CryoTel™ CT free-piston Stirling cold head provided by
Sunpower Ltd, which provides a maximum cooling power of 30W. The cold head is
placed inside a vacuum chamber to eliminate possible heat loading caused by
convection, to obtain a fast cooling time constant, and to minimise air condensation. A
schematic diagram for the cooling system and associated system component datasheets
are given in the Appendix. The current ratings for the tested devices range from 160 A
for the low voltage devices to 4 A for high voltage devices. Testing is carried out at low
operating currents, to prevent self-heating of the devices and limit the heat load on the
cooling head. Device self-heating increases device junction temperature, hence on-
resistance measurements will not be at the required temperature. The cooling system
operates in closed loop operation, where the temperature of the cold tip is measured to

maintain a constant temperature of 77K over the heat loading range. The drain current is

53



measured for each device using a clamp meter, connected to the power circuit terminals.
The device voltage drop is measured with two wires connected to the drain and source
terminals using another feedthrough, to minimise the error in measurement caused by
the voltage drop across the power terminals. A schematic diagram for the test circuit,

and connections through the chamber are shown in Figure 3.7.

Feedthroughs Firing Circuit

ﬂ: . Cooled device :l} T3
L] | 1
/‘ . + f v -
Temperature '\ Source, Drain, ds
and voltage Cold tip and Gate n
drop connections Ve () . § R
measurments | | —/ Cooled device
[ / \ ’\ ]
Cryocooler —» Vacuum
chamber
(@) (b)

Figure 3.7: Cryogenic cooling setup: (a) Schematic diagram for the cooling head placed inside the
vacuum chamber, showing power and measurement connections, and (b) circuit diagram for on-resistance
measurement

The on-resistance is calculated at 77K by dividing the measured device voltage drop (

V) by the measured drain current (I, ). On-resistance measurements at 77K are

compared with the expected on-resistance at 400K, which is the normal operating
temperature of power devices, to obtain the on-resistance reduction factors.
Experimental results are shown in Table 3.1, in which the voltage rating, current rating,
measured on-resistance at 77K, expected on-resistance at 400K, and the on-resistance
reduction factor are shown for each device. Reduction factors are plotted for each
device in Figure 3.8, in which the CoolMos devices are highlighted in darker colour. 16
different devices where successfully tested. More detailed test results are given in
Appendix B. The highest on-resistance reduction factors (F) are obtained for the high
voltage devices, with reduction factors decreasing as the voltage rating decreases. This
is mainly due to the lightly doped and thick layer drift region, which contributes to a
major part of the total on-resistance of high voltage VDMOS devices. However, the
high voltage CoolMOS™ devices, which have lower on-resistance values, show lower
reduction factors as expected, due to the higher drift region doping concentrations. Low

voltage devices show the lowest on-resistance reduction factors as observed.
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Table 3.1: VVoltage rating, current rating, expected on-resistance at 400K, measured on-resistance at 77K,
and on-resistance reduction factors for the tested MOSFET devices

MOSFET ___ Vds(V) Id(A) _ Rds(400K) Rds(77K) F
1 STP4N150 1500 4 7.5Q 0.3744 Q 20.03
2 2SK3745LS 1500 2 18.5Q 1.0286 Q 17.98
3 IXFK20N120 1200 20 1.39Q 0.2567 Q 5.41
4 IXFN32N120 1200 32 0.7875 Q 0.108 Q 7.2
5 FQAL11N90C 900 11 2.09 Q 0.07643 Q 27.34
6 IXKC25N80 800 25 0.225Q 0.0484 Q 4.6
7 IPP60R299 650 11 0.49 Q 0.05775 Q 8.48
8 FQP5N50 500 5 2.52Q 0.1285 Q 19.61
9 IRFP340 400 11 0.9625 Q 0.05301 Q 18.16
10 FDPF33N25 250 22 0.1739 Q 0.01716 Q 10.13
11 IRFP4668 200 130 14.4 mQ 2.064 mQ 9.62
12 IRF510 100 5.6 0.864 Q 0.1554 Q 5.56
13 IRFb3207 75 180 5.58 mQ 1.745 mQ 3.19
14 IRLIZ34N 55 22 52.5 mQ 9.495 mQ 5.53
15 IRF4004 40 350 1.8225 mQ 0.489 mQ 3.73
16 IRF132457 24 430 1.04 mQ 0.528 mQ 1.96
30 -
123 |4|5|6|7|8|9/|10|11]/1213]14|15]|16
- 25 -
<L
S20 |
&
S15 |
3
& 10 F
0 - l

1500150012001200 900 800 650 500 400 250 200 100 75 55 40 24
MOSFET Voltage Rating (Volts)

Figure 3.8: On-resistance reduction factors versus the device voltage rating

3.4 Power loss reduction and cooling penalty

To satisfy the main objective of cryogenic cooling that of improved overall system
efficiency, the cooling penalty should be taken into account. The obtained on-resistance
reduction factors, which show the amount of power loss reduction, must be greater than
that required to produce refrigeration, in order to achieve energy saving. The ideal
Carnot refrigeration efficiency, which is the ratio between the cooling power rate to the
ideal power required to produce refrigeration (P ), at the normal boiling point of liquid
nitrogen (77K) in reference to room temperature (300K), is [3.23]:
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T, T
T, -T. 300-77

c

Q
This means that the ideal power required to produce 1W of cooling power at 77K, using
liquid nitrogen, is 1/0.3477 =2.88 W. Liquid nitrogen can be produced in large
quantities with 50% of the ideal Carnot cycle efficiency [3.23]. That is an inefficiency

of 2.88/0.5=5.76 W/W. An inefficiency factor of 8 to 10 W/W can be assumed by

considering transportation, storage, and leakage losses. Therefore, cryogenic power
cooling is considered beneficial for MOSFET devices with on-resistance reduction
factors greater than 8 to 10, in which energy saving is possible. High voltage VDMOS
devices, starting at 250 V devices, are thus considered the best candidates for cryogenic
operation. However, the 650V and 800V CoolMOS™ devices, and the 1200 V
HiPerFET™ show low on-resistance reduction factors, and will not provide significant
energy saving in the case of cryogenic operation.

The previous method used for cryogenic testing of MOSFETS is not suitable for high
power applications, due to the high cost, complexity, and low cooling power produced.
Due to the high heat fluxes produced by MOSFET devices, two techniques can be
adopted: direct immersion in a liquid nitrogen bath and liquid nitrogen spray cooling.
The first cooling method can be expected to handle device heat dissipations up to 300
kW/m?, while the second method can remove heat dissipations up to 1500 kW/m?

[3.37]. These two cryogenic cooling techniques are shown in Figure 3.9.

ﬁ ﬁ
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Figure 3.9: Cryogenic cooling methods: (a) immersion cooling and (b) spray cooling

Pump Circuit Boards
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3.5 Summary and discusion

MOSFET device operation at liquid nitrogen temperature is discussed through this
chapter. The device on-resistance value at 77K is compared to the expected application
operating temperature of 400K to obtain the on-resistance reduction factor. An
experimental study on different MOSFET device voltage and current ratings showed
that low-voltage devices exhibit the lowest on-resistance reduction factor
(approximately 3 times), while it increased to 27 times for the high voltage devices.
Applicability to the high voltage devices with reduction factors over 10 is considered
advantageous even when taking the cooling power requirements into account (an
inefficiency factor of 10 W/W) and an overall system efficiency increase is attained.
However, it is not of benefit for the CoolMOS and HiperFET devices. None of the
tested devices is rated for operation at temperatures below -50 °C, as specified by the
manufacturer’s datasheets. However, no device failure was observed among the tested
devices. Failures in device internal and external connections are expected with increased
thermal cycling, due to the difference in thermal expansion coefficients, and mechanical
properties of the used materials. Special device packaging is then required for obtaining

a failure free and reliable operation.
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Chapter 4

Nanocrystalline Core Based Transformer Design

Transformers are considered critical components that strongly influence high power
converter dynamics, efficiency, and size. High-frequency power transformers are not
available as standard wound components, and must be designed during the converter
design process. The choice of core material significantly influences the overall
transformer volume. Soft-magnetic properties contribute the main restrictions during the

design process, as well as the available core geometries.

This chapter presents the design and implementation procedures for the high frequency
transformer utilised in the high-current low-voltage DC/DC converter under study.
Different core materials are first compared to select the appropriate core for this
particular application. Leakage inductance calculation for a basic two winding
transformer, and the effect of increased leakage on circuit performance are presented.
Other design issues such as loss mechanisms in transformer windings and the core,
termination, and implementation considerations are also discussed. Finite element
analysis (2D and 3D) is carried out in addition to analytical calculations, in order to

validate the design.

4.1 Background

Transformer operation is based on the theory of electromagnetism, discovered by Hans
Christian Orsted in 1820 [4.1], and electromagnetic induction, discovered by Michael
Faraday and Joseph Henry in 1831 [4.2]. Their discoveries are considered one of the
most important basic laws of physics, upon which different electromagnetic devices are
based. Discoveries continued thereafter, which lead to the first commercially used
transformer, produced by George Westinghouse in 1886 [4.3]. The first resonant
transformer for generating very high voltages at high frequencies was invented by
Nikola Tesla in 1891 [4.4]. Transformers have been widely used since then for voltage
step-up and step-down in electrical power transmission and different circuit applications
such as measurement, audio circuits, and isolation requirements. Electrical applications
have grown through the years in demand for different voltage/current levels, smaller

volume, higher power density, lower output ripple, lower EMI, and higher efficiency
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systems, which lead to the development of power converters capable of operating at
higher frequencies. However, even with advancements in circuit topologies, challenges
still exist due to the large footprint occupied by magnetic elements/components.
Magnetic core materials represent the main restrictions in regards to volume reduction,
as well as electromagnetic interference (EMI) and efficiency. A core material offering
an ideally infinite permeability, saturation flux density, resistivity, and zero hysteresis
loss would be an optimum choice. However, core materials have no such properties, and

the design engineer is restricted to specific values.

A core is used in transformers to reduce the magnetic flux path reluctance, and to
confine/guide the magnetic flux within this specified path [4.5]. The effect of magnetic
fields produced by electric currents is concentrated within the core, and the magnetic
field is then increased by a large factor if compared to that without a core. The main
core material characteristics influencing the design and performance of transformers

may be summarised as follows:

e Magnetic core geometry

e Air gap presence (only for inductors)

e Relative permeability

e Saturation flux density

e Resistivity

e Curie temperature

e Laminations and insulation dielectric loss

e Hysteresis and eddy current losses per unit volume

These core properties apply to both conventional 50 Hz and higher frequency
transformers. The basic core geometries for conventional 50 Hz transformers are the
core and shell type constructions [4.6]. Such geometries are also used for high
frequency designs, while other geometries exist such as the toroidal shape and different
planar geometries. The move towards planar structures in switched mode power
supplies has provided lower profile designs, reduced high frequency winding losses, and
the possibility of obtaining precise leakage inductance values [4.7]. Optimised low
profile magnetic designs can have better volumetric efficiency and higher power density
[4.8]. The ease of interleaving due to the use of PCB windings allows for leakage
minimisation and control [4.9]. PCB windings also present an easily implementable

63



method for manufacturing. It is also clear that planar structures have lower core
temperatures due to the larger surface area to volume ratio. However, planner structures
possess a large footprint area, increased parasitic capacitance, low window utilisation

factor, and are limited to certain applications, core materials, and ratings [4.7].

High frequency power transformer design has attained considerable attention over the
past decade. High frequency operation adds additional considerations to the design
process. The design constraints that should be considered are:

e Core loss (hysteresis and eddy loss)

e High frequency winding loss (skin and proximity losses)

e Temperature rise

e Winding layout, insulation, and termination

e Transformer parasitic components (leakage inductance and distributed
capacitance)

e Cross regulation between multiple primaries and/or multiple secondaries

Core loss has been adequately modelled for sinusoidal and non-sinusoidal excitations
[4.10], [4.11]. Winding skin and proximity losses can be minimised for simple winding
structures by using stranded conductors, referred to as Litz wire [4.12]. For multi-
layered windings, proximity loss can be reduced by properly interleaving the primary
and secondary windings [4.13]. In the case of using foil windings; the high frequency
winding losses can be reduced by optimum thickness selection [4.14]. Various design
considerations and procedures have been discussed in [4.15]. Design optimisation has
also been well presented in the literature. Optimisation based on finding the operating
flux density where the core and winding losses are minimum is presented in [4.16],
[4.17], [4.18], based on the minimum volume and power loss in [4.19], minimum
weight in [4.20], and considering the maximum temperature rise in [4.16], [4.17],
[4.18], [4.21], and [4.22].

Transformer parasitic elements, specifically leakage inductance, may be considered the
largest single factor in degrading the performance of switch mode power supplies. It
directly affects the application circuit losses, load regulation, and cross regulation for
transformers with multiple outputs [4.23]. Minimisation of the leakage inductance is

there for required. However, the leakage inductance is utilised in some resonant circuits,
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and should be predefined according to the circuit requirements to avoid the addition of
an extra inductive-component/circuit-element. The leakage inductance is a
representation of imperfect magnetic coupling between transformer windings, caused by
increased insulation thickness and/or winding miss-arrangement. The limitations
introduced by its presence (internal losses and/or voltage drops) are considered an
important design aspect for both 50 Hz and high frequency transformers.

The leakage impedance (which consists of resistive and reactive components) is usually
determined using the standard transformer short circuit test. However, extensive
research has been presented to evaluate its value analytically. A method for calculating
winding resistance and leakage inductance variation with frequency, for single layer,
multilayer, and sectionalised windings is presented in [4.24]. The DC values of the
resistance and leakage inductance are first calculated, and then multiplied by the
appropriate AC/DC factors to obtain the corresponding AC values. This method is
widely used and has been extended to different winding types and configurations,
specifically for the winding resistance [4.12], [4.25], [4.26], [4.27], [4.28], [4.29]. These
factors basically compensate for skin and proximity effects. The leakage inductance can
also be calculated using the magnetic flux linkage, reluctance, magnetic energy, small

signal, or vector magnetic potential methods [4.5].
4.2 Objectives
The main objectives of this chapter may be summarised as follows:

e Design a high efficiency, low volume, high frequency power transformer
satisfying the specifications listed in Table 4.1.

e Provide an implementable high current secondary winding and termination.

e Maintain a reduced volume design through the use of appropriate core materials.

e Model the transformer using analytical and FEA simulation techniques, and
estimate core and winding losses.

o Estimate the leakage inductance for proper circuit application.

e Discus the effect of secondary winding termination on the reflected leakage

inductance.
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Table 4.1: Transformer specifications

Specification Value
Peak primary voltage 600 V
Rectifier output voltage 8V
Rectifier RMS current 1000 A
Primary winding configuration Single Winding Input
Secondary winding configuration Centre-tapped secondary
Operating frequency 10kHz < f <20kHz
Operating duty cycle 98%
Volume requirements Minimum Volume Design
Efficiency restrictions 95% > 7> 98%

The transformer output voltage shall be specified during the design process, according
to the leakage inductance and rectifier diode voltage drops. The operating frequency is
specified as a range in order to select the appropriate operating frequency during the
design process. This reduces the design constraints for selecting the core dimensions;
specifically the cross sectional area for a certain geometry, which may lead to a more

compact design.
4.3 High frequency transformer modelling

Magnetic devices, such as inductors and transformers, are widely used in different
switching converter circuits. The design of such devices cannot be isolated from the
converter design itself. Transformer operation and characteristics can be predicted
before implementation through proper analysis and modelling. Prior knowledge of
transformer non-ideal parameters is also a better approach for design optimisation rather
than testing physical implementations. This also permits for circuit simulation of the
power supply performance, which may reveal performance limitations attributable to
the transformer design. Transformers are represented by an equivalent circuit model, in
which the circuit elements can be directly related to transformer physical design, which
may be modified in order to improve circuit performance. A two winding transformer
equivalent circuit is shown in Figure 4.1. The circuit consists of the transformer loss
components (primary and secondary copper winding resistances (Ri, R2), equivalent
core loss resistance (R¢), an ideal transformer with a specific turns ratio (N;:N,), and the
different transformer parasitic reactive components (primary and secondary leakage
inductances (Li,Li2), core magnetising inductance (Ly), and winding parasitic

capacitances (Cy, Cy, and C1y)).
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Figure 4.1: Two winding high frequency transformer equivalent circuit

4.3.1 Magnetising inductance

An approximate equivalent circuit representation for a two winding transformer,
including the magnetising inductance is shown in Figure 4.2. The magnetising
inductance models core magnetisation properties. A transformer saturates when the
magnetic flux density exceeds the core material saturation flux density, at which the
impedance of the magnetising inductance decreases, and the magnetising current
increases dramatically.

() i) io(t)

+ im(®) +
Vl(t) Lm ‘ ‘ Vz(t)
o : o

ng:ny
Figure 4.2: Transformer model including the magnetising inductance

Transformer saturation is a function of the applied volts-seconds (V = N d¢/dt), not the

primary or secondary currents. To avoid core saturation, the flux density should be
decreased by increasing the number of turns, or by increasing the core cross sectional

area (V, =4.44N,B__ A f.). It should be noted that the addition of an air gap to the core

has no effect on the saturation level of conventional transformers, and is not employed
in conventional designs. An air gap only decreases the magnetising inductance and
increases the magnetising current, and affects the output characteristics of the
transformer. The magnetising inductance and equivalent core loss resistance, model the
non-ideal core properties. While the primary and secondary circuits are coupled through

the basic ideal transformer equation:

=1 (4.1)



4.3.2 Magnetic cores

The main purpose of the magnetic core is to provide a low reluctance magnetic path, to
ease flux linkage, or magnetic coupling between two or more windings. The link
between different windings through the specified magnetic path also provides electrical
isolation between windings, and enables the adaptation of different voltage levels by
adjusting the turns ratio. Magnetic cores are comprised of materials which can be
readily magnetised and demagnetised. An AC waveform is required to continuously
transfer energy through the core. The material response is represented by the B-H curve

shown in Figure 4.3, which is characterised by the relative permeability, according to

B = luoﬂrH )

B(T)
A

Bsat = Mol slope — o

slope

A
L
I~
y

'Bsat

v

Figure 4.3: Hystresis B-H curve of a magnetic core material

No material can be completely demagnetised after magnetisation, and a residual flux By
is retained. A reverse magnetic field intensity; the coercive force Hc, must be applied to
remove this residual flux. The area enclosed by the B-H curve cycle represents the
amount of unrecovered energy, known as the hysteresis core loss. The area of the B-H
loop is narrow for soft magnetic materials, but widens as the frequency increases, due to

eddy currents.
a. Core power loss

Increased core temperature due to core losses is one of the most important limitations in
high frequency applications. Almost all magnetic materials are electrical conductors;
hence eddy currents are induced due to the presence of changing magnetic fields. The

total core loss is the sum of both hysteresis and eddy current losses.
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I. Hysteriss core loss

Hysteresis loss is the energy required to align, rotate and reverse, etc..., the magnetic
moments of the core material domains [4.5]. This loss component cannot be predicted
from core material properties, and is usually calculated for a certain core material by
experimental curve fitting. The area enclosed by the hysteresis curve represents the

hysteresis loss per cycle. For an inductor excited by the periodical voltage v(t), and

current i(t) having a frequency f, the energy delivered to the inductor over one cycle is:

W = [v(t)i(t)dt (4.2)

0

substituting B(t) for v(t) using Faraday’s law, and H (t) for i(t) using Ampere’s law:

v

]
=V, [HdB (4.3)
0

where n is the inductor number of turns, A. is the effective core cross section area, I, is

the core mean magnetic path length, and V, = Al . is the effective core volume. Hence,

the hysteresis power loss, where f is the supply frequency, is:
T
R, = fV, [HdB (4.4)
0

ii. Eddy current core loss

Almost all magnetic core materials are electrical conductors, and are placed directly in
time varying magnetic fields. According to Faraday’s law, this flux induces a voltage
which is directly proportional with the excitation frequency. As a result, circulating
eddy currents circulate in the core material, with paths, in planes normal to the core
magnetic flux. Considering only the resistive component of the core impedance, the
eddy current losses are directly proportional to frequency squared. Eddy currents cause
heating of the core material. Eddy current losses are reduced by using a core material of
higher resistivity and/or manufacturing the core in powder form or thin laminated

sheets.
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iii. Total core losses

Several empirical equations are used to model core losses in magnetic cores. The
classical approach which separates the per unit volume loss components and models
each term individually is [4.11], [4.30]:

R =R +P+R =k, B +k (fB,) +k(1B,)" (4.5)

where P, is the total core loss per unit volume, P, is the hysteresis power loss, P, is the
eddy current loss, P, is the lamination dielectric material power loss, (k, ,k..k,, £) are

the corresponding loss coefficients, f is the operating frequency, and B, is the

maximum operating flux density. However, only the eddy current loss of the three
components can be calculated. It is difficult to accurately calculate the other loss
components, and are determined experimentally [4.31]. The Steinmetz equation is

widely used for evaluating the core losses in iron cored ferrite materials [4.32]:
P=C f“B’ (4.6)

Where C, o, and g are real empirical parameters (1<a <3, and 2<f3<3)
obtained from experimental measurement under sinusoidal excitation [4.11]. For non-
sinusoidal excitations, a modified Steinmetz equation was developed [4.31]:

P,=C,f fu 'Bs 4.7
Where foq is the equivalent frequency of the non-sinusoidal waveform, and f; is the
repeated frequency. The empirical parameters are usually provided by the core

manufacturer, and in some cases loss density curves are given at different frequencies to

calculate these parameters by curve fitting.
b. Core materials

Magnetic materials termed ‘soft’ can be readily magnetised and demagnetised, hence
can be used to transfer or store magnetic energy in circuits with time-varying
waveforms. ‘Hard” magnetic materials are used as permanent magnets in applications

such as brushless and synchronous electric motors [4.5]. Soft magnetic materials are
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either ferromagnetic materials based on iron and nickel, or ferrimagnetic materials,
which are based on ceramic oxides of metals (ferrites). Ferromagentic materials include
steel, iron powders, alloy powders, and the recently developed nanocrystalline
materials. While, ferrimagnetic materials are considered a subgroup of ferromagnetic
materials, and are compounds of iron oxide (Fe,O3) mixed with one or more oxides of
bivalent transition metals such as (FeO, NiO, ZnO, MnO, CuO, BaO, CoO and MgO)
[4.33]. Magnetic cores ideally possess a high permeability, high saturation flux density,
and high resistivity. Silicon steel, which is widely used in 50 Hz transformers, exhibits
the highest saturation flux densities (1.5 - 2 T). It is manufactured in the form of thin
laminations or ribbons as standard, to reduce eddy currents. The addition of other
materials, such as molybdenum and cobalt, increase the resistivity of the core and
reduce the core losses. This also reduces the saturation flux density due to the reduced
iron content, which defines the basic trade off between saturation flux density and core
losses [4.13]. Typical applications of silicon steel iron cores are 50/60 Hz power
transformers, aircraft and marine transport power supplies which operate at 400 Hz, and
electric motors, generators, and filter inductors operating below frequencies of a few
kHz.

Iron alloys such as nickel-iron have typical saturation flux densities of (0.8 — 1.5 T)
depending on the percentage of iron. Such alloys are used for frequencies up to 20 kHz,
due to their high permeability. However, nickel iron alloys have poor mechanical
properties. Typical applications include current transformers, linear transformers, pulse
transformers, saturable reactors, dc-dc converters, and magnetic amplifiers. Cobalt iron
alloys have the highest saturation flux densities (2.4 T), and are typically used in space
applications, and magnetic amplifiers.

Ferrite cores, which are ceramic materials, are most commonly used for high frequency
applications. Ferrites exhibit the lowest saturation flux density of all common magnetic
materials (0.25 — 0.5 T), but show comparably low hysteresis and eddy current losses.
Manganese-zinc ferrite cores are typically used for frequencies up to 1 MHz, while
nickel-zinc ferrite can be used for even higher frequencies. Ferrite cores are used in a
wide verity of applications such as high frequency power transformers, pulse
transformers, current transformers, common-mode chokes, resonant inductors, high

impedance filters, and sensors.
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Powdered iron and molybdenum permalloy powder cores posses a saturation flux
density of (0.6 — 0.8 T), exhibit significantly lower losses than laminated ferrous alloy
cores, and relatively low permeability [4.13]. Powdered iron cores are used for
frequency up to 100 MHz. However, amorphous alloys posses a saturation flux
densities in the range of (0.8 — 1.5 T), and exhibit lower hysteresis and eddy current
losses than ferrous alloys, but higher than ferrites.

Nanocrystalline cores combine the high saturation flux density of silicon steels and the
low losses of ferrites giving potential for higher power density magnetic designs[4.34].
A 3.5 factor decrease in volume has been achieved compared to a ferrite based design,
for a 300 kW, 200 kHz, high voltage design [4.35], [4.36]. Other designs and associated
analysis showing the increased utilisation of nanocrystalline cores in various
applications are given in references [4.37], [4.38], [4.39], [4.40], [4.41], and [4.42].
Applications in the frequency range of 150 kHz, such as current transformers and
common mode EMI filters, are well suited. Table 4.2 shows the frequency range of
different magnetic materials, and shows a comparison between the different materials in
terms of permeability, saturation flux density, power loss, Curie temperature, and

maximum operating temperature [4.5].
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Table 4.2: Ribbon thickness t, relative permeability ,, saturation flux density B, coercivity H,, core losses Py, saturation magnetostriction 4, Curie temperature T, operating
temperature T,,, and typical operating frequencies f,, for common iron alloys, permalloys, amorphous alloys, nanocrystalline alloys, and ferrite soft magnetic materials

. e Hc Pre (W/kg) @ -6 0 0
Material t (Hm) 1kHz 100 KHz B. (T) (A/m) 20 kHz 100 kHz % (107 Te (O T (€) fo
3% Silicon Steel 50 2700 800 1.90 2.7 - 1098 ® -0.8 750/150 50 — 1000 Hz
6.5% Silicon Steel 50 1200 800 1.3®-188® 1.2 80®@ 770® -0.1 700/150 50 — 3000 Hz
0f - 0, I —
SCI)Ze/OPe??ng)I E;I/ 25-50 2000 - 12® 150 45® 200@ © 25 500/130
. 50 — 20000 Hz
0, —
2 e/‘r’n'\l'a'mose 30 50000 5000  074®-08® 05-24 14® 90 @ © 1 460 — 480/130
Fe-based 25 8000 5000  15®-156® 2.4 18® 50® 25 415/150
Amorphous alloy 0.4 — 250 kHz
Co-based 25 150000 18000 0.55® 0.3 5® 35® <0.2 180/120
Amorphous alloy
o — .
73.5%Fe 15551 5, 110000 30000 1230 0.4 40 35 ~0 570/150
Nanocrystalline 0.4 — 150 kHz
73.5% Fe — 13.5% © 10 ® @ '
. ; 17-18 100000 20000  1.24®_17 0.5 3 38 2.1 570/150
Si Nanocrystalline
'—OWF'gii pnan - 2400 2400 0.49® 12 17® 85@_1250 .06 220/100 10 — 2000 kHz
NiZn Ferrite - 10-1500 30000 0.24@_0.38® 30 20® - -7.8 200/100 O'fw’leoo

@ At T, = 100 °C.
®) At T, = 25 °C.

© Lower bound due to eddy losses.

@ AtBy,=0.2T.
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4.3.3 Leakage inductance

Leakage inductance represents the magnetic flux induced through the winding
conductors and the associated gaps, which does not link another winding via the core, as
shown in Figure 4.4. The total magnetic flux ¢ of the transformer consists of the mutual

flux ¢,, which is the common flux between the two windings, and the leakage flux ¢ :
$=du+dhtdh (4.8)

Where ¢, is the primary side leakage flux, and ¢, is the secondary side leakage flux.

The magnetic flux induced by the primary current iy consists of the primary leakage flux

@, and the mutual flux ¢, :

G =h+ (4.9)

Similarly, for the magnetic flux induced by the secondary current i:

b =4, + b, (4.10)

However, the total magnetic flux in the primary winding induced by i; and iy, and

similarly for the secondary winding is:

h=¢.+¢, (4.11)
b =¢n+ P (4.12)

The flux linkage in the primary and secondary windings are then:
A =N =Nyg, + Ny (4.13)

A =Ny = Noghy, + Noghy, (4.14)

Hence, by Faraday’s law, the voltages across the primary and secondary windings are:

dA, de ¢ di di
AN AL N A o 2 huar} .
Vi dt bodt - ' dt Ly dt+L12 dt (4.15)
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Figure 4.4: Leakage flux in the transformer windings

The presence of the magnetising and leakage inductances cause the terminal voltage

ratio (v, : v, ) differ from the ideal turns ratio (n, : n,). The terminal equations of the two

winding transformer shown can then be expressed as follows:

L\Z?tﬂ B L\Lﬂl m%&m (4.17)

L and L are the primary and secondary self-inductances:
bbb (4.18)
e ket (4.19)

where M =L, =L, is the mutual inductance:

NN
M == =kJLbL (4.20)

where the coupling coefficient k is a measure of the magnetic coupling between the two

coils, and lies in the range 0 <k <1.
a. Leakage inductance calculation

Transformer primary and secondary windings are practically wound as close as possible
to minimise leakage fields. The leakage inductance represents the energy stored within
the volume of windings, associated insulation, and air gaps. It can be directly calculated
by estimating the total magnetic energy stored, using an MMF diagram. A common
arrangement is to have the secondary winding surround the primary winding as shown

in Figure 4.5.
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Primary Winding

Secondary Winding

Figure 4.5: Example of a common winding arrangement in a two winding transformer

To calculate the leakage inductance for the shown transformer winding arrangement, the

following assumptions are introduced [4.43]:

1. Winding turns are uniformly distributed along each layer, which gives a linear

ampere-turns distribution.

2. The core is assumed to possess an infinite permeability. That is, it requires no
magnetising MMF; primary and secondary MMFs exactly balance each other.

3. A layer consisting of ny turns of round wire, of diameter d, carrying a current
i(t) can be approximately modelled as a single turn of foil, of thickness t, which
carries the current n,i(t), having the same winding breadth. This does not affect

the MMF distribution.

d t t

oln
O~ |-
O O

Figure 4.6: Approximating a layer of round
conductors as a single foil winding

t=+7 % (4.21)

4. All windings are of equal heights/widths. That is, no radial flux is produced, and
all the flux is axial along the windings width.
5. Flux fringing at winding ends is compensated by the Rogowski factor k;, for

which an equivalent winding height is calculated as follows [4.43]:

L, = ki (4.22)
1_ e’”Lw/tlotal

K =1-— (4.23)
7Z—Lw /ttotal

where t,, is the total winding thickness, including any insulation gaps.
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According to these assumptions, the leakage inductance can be estimated by only
considering the window cross section. The resultant MMF diagram for the two winding

arrangement is shown in Figure 4.7.

Primary Secondary
Winding  Winding

t ot b
2,

Center Core Limb
—
=

p.u.
MMF1“

Distance

Figure 4.7: MMF Diagram for the equivalent two winding arrangement

The leakage field energy due to the primary winding current:

_ 1 .2
W= L (4.24)

where L, is the total leakage inductance referred to the primary side, and iy is the
primary current. This energy can be calculated by using a differential approach; starting
with considering the energy per unit volume. For a magnetic field, in a medium with

linear magnetic characteristics (B = g, H ), when the flux density is increased from 0 to

B, the energy stored is:

B B
W:IH.dB:JE.dB:iBZZE%HZzlaH (4.25)
0 OlllO 2/10 2 2

Copper and insulation materials have no magnetic properties, hence the relative

permeability is unity. For a cylindrical equivalent winding shape, the differential energy
(dw) for a cylindrical ring of height (L, ), thickness (dx), and diameter (d, +2x ), where

d; is the internal cylinder diameter, is:

dw :%%fodv (4.26)
where dV is the differential volume of the cylindrical ring:
dv =7Z'(d1+2X) LWdX (4.27)
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By applying Ampere’s law, the MMF at any point is dominated by the total Ampere
turns enclosed within the flux path. Hence, the magnetic field enclosed by a flux

contour, at the distance x with reference to the inside winding diameter is:

Hx — (Nllil)x
L,

Since the MMF distribution is linear, the Ampere-turns at any distance x can be

(4.28)

calculated using a simple straight line equation:

] N,i;
(N.L,), = TX (4.29)
hence:
N.i
H =11 4.30
X HLWX (4.30)

By substituting Equation (4.27) and (4.30) into (4.26), the primary winding leakage

energy is:

b1 N, Y .
W =|= —1i d,+2 d
A 'EZ%X t1|_WX x 7z (d, +2x) L, dx

2:2

AR 4,3 (431
2L, 3 2

Similarly, for the insulation gap between the primary and secondary windings, where

the MMF is constant; the cylindrical ring differential volume at a distance x from the

gap starting position is:

dV =7 (d, +2x)L,dx (4.32)

where dg is the inside diameter of the insulation gap. The magnetic field is constant at
any point within the insulation gap:

H, =N (4.33)
L,
Hence, the energy stored is:
Y1 (NG
W, :jiﬂox(ﬁj cre(d, +2X) Ly
0
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2L,

Similarly, for the secondary winding:

o (dg +1,) (4.34)

t . 2
— ( 1 Nlll '

_HANTT (3
- 2Lw 3 dz + 2 t2 (435)

The total energy stored is then:

W =W, +W, +W,

_HNGE ( 3 b 3
p e HE RN CE ) (439

and the leakage inductance, referred to the primary side, is:

le 3 t, 3
_ IUOEN (%(dl+§t1)+tg (dg +tg)+§(d2 +§t2)J (437)

Equation (4.37) represents an estimated leakage inductance value for the two concentric
winding arrangement, which is directly related to the physical dimensions of the
windings. The same procedures can be repeated for different winding arrangements with

multiple layers.
b. Effect of leakage inductance on circuit performance

Increased leakage inductance directly affect different power converter circuit
performance aspects. As mentioned, the leakage field is represented by an additional
inductance in series with each winding, which may be combined into one inductance in
series with the primary winding. This inductance reduces the primary current rate of
change, and reduces the effective secondary voltage duty cycle. A centre tapped rectifier
circuit is shown in Figure 4.8a. The circuit has an input voltage of 120 V, an output
voltage of 5 V, and operates at 10 kHz. An equivalent circuit, where the ideal

transformer is replaced with an equivalent circuit referred to the secondary side, is
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shown in Figure 4.8b. Winding resistances, self-inductances, as well as transistors and
diodes voltage drops are neglected to simplify the analysis. The leakage inductance is
placed on the secondary side, in series with each winding as shown. The converter is
operated with a primary duty cycle of 90%. Consider the ideal case, where zero leakage
inductance is assumed, the total secondary duty cycle is the same as the primary side.
Any leakage inductance reduces the primary current rate of change as observed in
Figure 4.9b. The total effective secondary duty cycle is reduced as shown in Figure
4.9c. The output voltage of the converter drops from 5.4 V to 3.9 V when a leakage
inductance of 20 pH is introduced, as shown in Figure 4.9d. The output voltage
reduction is directly proportional to the load current. Increased leakage inductance

significantly affects load regulation, and must be carefully considered in the design
process.

(@ ) (b)

Figure 4.8: (a) Centre tapped rectifier, (b) replacing the ideal transformer by the equivalent circuit model
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Figure 4.9: (a) Primary voltage with an operating duty cycle of 90%, (b) primary current, (c) secondary

voltage in the ideal case with zero leakage and case where the leakage inductance is present, and (d) the
average output voltage in both cases
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c. Leakage Inductance Minimisation

It has been shown in the previous section, that the leakage inductance directly affects
power converter performance. Increased values can lead to poor load regulation, limit
the maximum frequency of operation, generate voltage spikes across the main switches,
and increase the switching losses of the converter [4.44], [4.45]. Leakage inductance
minimisation is mandatory in the majority of power electronic applications. Referring to
Equation (4.37), minimum leakage inductance can be achieved by increasing the

winding breadth L,, and/or reducing the insulation thickness between the windings.

However, such modifications are subject to restriction on the core geometry, insulation
materials used, as well as the manufacturing process. Reduction of the winding
thickness is also possible, but is subject to copper loss restrictions. Reducing the number
of turns can also lead to increased core loss, and core saturation if not carefully
considered. Interleaving is a common technigue to reduce the leakage inductance, and
minimise the high frequency winding losses. Primary and secondary windings are
equally divided in to multiple sections connected in series, with each primary and
secondary section placed simultaneously over each other as shown in Figure 4.10. The
resultant peak per unit MMF for each corresponding section is reduced by a factor k,
which is the total number of winding sections. The total leakage inductance for the k-
section interleaved configuration can be similarly calculated as described previously,
specifically:

: Y 2
- ( D+tD+3D) (4.38)

where D;, Dg, and D, are the mean diameters of the primary winding, gap, and

secondary winding respectively.

Primary Secondary Primary Secondary Primary Secondary

Winding  Winding  Winding  Winding Winding ~ Winding
t 4_tg> t t <t_g. t t <I_g’ t

< <~ > <~ «— <~

Center Core Limb
v
—
=

<

PU
MMF
1k

Distance

Figure 4.10: Interleaved winding configuration for the two winding transformer
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The amount of leakage inductance reduction can be plotted against the number of
interleaved sections as shown in Figure 4.11, by dividing equations (4.37) and (4.38):

. L K1
Amountof Reduction = f =)= (4.39)
T

1 T
g 08_ .................................................................................................. =1
2
é L0 3 S, S PR -
E 04+ g
E 02 | R .. SN SO, SN SO S SR - S -

0 | | | 1 ' - - -

1 2 3 4 5 6 7 8 9 10

Number of Interleaved Sections (k)
Figure 4.11: Reduction in transformer leakage inductance versus the number of interleaved sections

The total leakage inductance is reduced to 0.25 of its original value by dividing the
windings into two interleaved sections. However, the number of obtainable interleaved

sections strictly depends on the available core window area.
4.3.4 Winding resistance

Windings are commonly copper conductors, for which the resistance can be calculated
by using the specific resistivity of copper at a certain temperature. However, at high

frequency operation, skin and proximity effects increase the winding resistance.
a. DC winding resistance

The DC winding resistances can be calculated as follows:

_p(MLT), N, (4.40)
Rp,Dc A
1
MLT) N
R, pe = p(MLT).N, . ). N (4.41)
2

where p is the specific resistivity of copper, (MLT), and (MLT);s are the mean length per
turn for the primary and secondary windings respectively, Ac; and Ac, are the primary
and secondary conductor cross sectional areas respectively, N; and N, are the primary

and secondary number of turns respectively.

82



b. AC winding resistance

The effective winding resistance for high frequency current carrying conductors can be
significantly more than the equivalent DC resistance. Eddy currents are generated
within the conductors, and suffer the phenomena of ‘skin effect’. For windings with

multiple consecutive layers, proximity effect losses must be also considered.
c. Skin effect

The skin effect is defined as the tendency of an alternating current to flow on the surface
of conductors. Specifically, the current passing through the conductor induces a
magnetic flux, which induces circulating currents that oppose the main conductor
current. These currents reduce the current density in the centre of the conductor, and
increase the current density near the surface of the conductor. The conductor current
distribution can be found by solving Maxwell’s equations for a sinusoidal current of
frequency f. For an infinite thick plate, the current density J decreases exponentially
with the depth d from the surface according to the following relation:

J=Je (4.42)
where & is known as the skin or penetration depth; the depth at which the current

density decays to 1/e of the current density at the surface J;. The skin depth for a

copper conductor at 100°C is given by[4.13]:

o, 75
0= f—z—mm 4.43
muf  Jf (4.43)

Winding conductors are chosen to have a diameter or thickness less than or equal to the
skin depth at the given operating frequency, to reduce the skin effect losses and improve
copper usage. This can be achieved by using Litz wire for round conductors, and
multiple laminated foil conductors for high current windings. Litz wire is a stranded
conductor, with all strands individually insulated, and twisted together or laid side-by
side, in which each individual strand diameter is less than the skin depth.
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d. Proximity effect

Consider the m-layer primary transformer winding shown in Figure 4.12, in which all
layers are in close proximity to one another, and are connected in series. Currents tend
to flow on the surface where the field intensity is greatest. The current flowing through
the first layer induces a flux in the space between the first and second layer, which
induces a current on the adjacent side of the second layer that tends to oppose this flux.
If the conductors are closely spaced, and 6 >t , the induced current will be equal and
opposite to the current i(t). This circulating current adds-up to the current flowing on the

other side of the second layer. For an RMS current | flowing through all the layers, the

power loss in each layer is [4.13]:

P =1°R, (4.44)

P, =P, +(2i)’ R, =5i°R,. (4.45)

P, =(2i)" Rue +(3i)" Ry =13i%R,¢ (4.46)

P, =((n-1)i) Ruc +(ni)*R,c =(2n* ~2n +1)iR, (4.47)

The total power loss for the m-layer winding is[4.13]:

P:iZRACi(ZnZ—Zn +1)

n=1
. m
:IzRACE(ZmZ +1) (4.48)

The skin effect causes the copper loss in layer 1 to be equal to the loss in a conductor of
thickness delta with uniform current density. Therefore the AC resistance may be

approximated as [4.13]:

Rac = % Roc (4.49)

Compared to the DC or low frequency power loss P,. = mI°R,., the proximity effect

increases the copper loss by a factor [4.13]:
P 1(t 2
—==2|(2m° +1
PDC 3(5)( ) (4.50)
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The winding power loss can be increased with the increased number of layers.

However, this example does not quantify the proximity behaviour for t, ~ &, as winding
conductors are never practically chosen with §>t,. An exact calculation method for

the resistance reduction factors considering both skin and a proximity effect is given in

the next section for foil and Litz wire conductors.

Primary Winding

Layer Layer Layer Layer
1 2 3 n
t <t_g> t; <t_g> t t
- s
2 :
3 <O
[}
5 — R®
S 5| 9@
£ sl @ O
(§) - =0 |®® ®®
e RO K@ K@

Current
Density
J

»

Distance

\j

Figure 4.12: lllustration of skin and proximity effects in a multiple layer winding

c¢. Foil winding resistance considering skin and proximity effects

Magnetic field and MMF distribution across the windings are no longer assumed to be
linearly distributed across the winding thickness, and follow a current distribution due
to skin and proximity effects as shown in Figure 4.13. The foil winding consists of m
layers, each of thickness t and breadth L,. The current density distribution, and hence

the power loss can be obtained from the MMF distribution across the windings, as will

be shown briefly.
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Figure 4.13: Parallel foil conductor winding
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The n" layer magnetic field intensity can be obtained by considering Maxwell’s
equations describing the inductor [4.5]:

VxE =y, %H (4.51)

VxH =0cE (4.52)
A solution can be obtained under the following assumptions [4.5]:

a. Windings consist of straight and parallel foil conductors, neglecting curvature,
edge, and end effects
b. The net charge density of the conductor is zero

c. The core is ideal

d. A sinusoidal current is flowing through the winding conductors (i =1 _cosat ),
which produces an alternating magnetic flux density ( B =B, cos(at+¢;) )
parallel to the foil windings

The electric and magnetic fields contain only y and z components, respectively:
H=H(x)=H,=H,(x) (4.53)
E=E(x)=E,=E (x) (4.54)

Therefore Maxwell’s equations in phasor form become:

oE,

— =—jou,H, (4.55)
OX

= O (4.56)

Substituting (4.56) into (4.55) yields the second order differential equation known as the
Helmholtz equation [4.5]:

2

PV jou,oH (4.57)
The solution of this equation is:
H(x)=Hge™"+H,.e™ (4.58)

where H; and H; are complex constants, and y is the complex propagation constant:

. jor, _1+]
y =y iouo = P (4.59)
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and ¢ is the skin depth given by:

1
5= = / P (4.60)
\/ﬁf,uoa tu,

The current density in the ™ layer can be obtained by substituting into:

E(x)
J(X)=—= 4.61
(== (461)
where:
dH
E(x)=—p— 4.62
(X)=-p— (4.62)
and the power loss is defined as:
P(x)=pP(x)[ (4.63)
Solving to find the n™ layer power loss density, yields [4.46]:
P = Ry 5LN{[MMF2(0)+ MMF? (t) ]G, ~4MMF (0) MMF (t)G, | (4.64)
|
: (th : (th
sinh| = [+sin| —
G - o o
1 [th (th (4.65)
cosh| — |—cos| —
) 1)
sinh[tjcos(tj+cosh(tjsin(t)
G. = o o o o
2 (th (Zt] (4.66)
cosh| — |—cos| —
o o

N; is the number of turns per layer, and Rpc is the layer DC resistance. Substituting
equation (4.64) for each layer boundary conditions and summing the results in order to
obtain the total m layers winding loss, as given in Appendix C. The winding resistance

ratio factor due to proximity and skin effects is expressed as [4.13]:

(4.67)
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This expression is plotted against t/ 6, for different number of layers, in Figure 4.14,
which shows the increased resistance factor due to the increased proximity effect losses

as the number of layers increases.

Number of Lay
ANHET 08

Reduction Factor

0.1 1 10
Layer Thickness to Skin Depth Ratio

Figure 4.14: Plots of the resistance reduction factor (Fg) versus the layer thickness to skin depth ratio (
t/5), for multiple number of layer (m=1 - 15)

The first term in Equation (4.67) represents the winding resistance ratio due to the skin
effect, while the second term represents the winding resistance ratio due to the

proximity effect. Therefore:
F=FK+F (4.68)

where the skin effect factor, which depends on t/§, is:

. 2t . (2t
¢ smh({sj +sm(5j
F=— (4.69)
g cosh (th —COoS (th
o o

and the proximity effect factor, which depends on both the number of layers m and t/§,

is:

cosh (;J +C0s [EJ (4.70)
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Orthogonality exists between both skin and proximity effects, in which each can be
separately obtained and then added, under the assumption that the magnetic field
applied due to other conductors (proximity effect) is uniform across the conductor cross
section [4.28]. Equation (4.67) can also be modified and extended to other winding
conductor shapes, such as square, and round conductors by using a square to round
conversion to obtain approximate analytical expressions for the winding resistance
[4.5]. However, this introduces some approximation errors, especially at high

frequencies [4.28].

d. Litz wire resistance considering skin and proximity effects

The equivalent resistance of a Litz wire winding can be obtained by first considering the
skin effect in a round conductor. The current density through an infinitely long solid
round conductor shown in Figure 4.15 is described by a modified Bessel ordinary

differential equation with a complex argument in cylindrical coordinates [4.5]:

2
49 1A ey g (4.71)
dr rdr
and:
k=1td (4.72)
bo)

where k is defined as a complex propagation constant. Solving Equation (4.71) and
substituting to obtain the skin effect factor [4.25]:

. :%ber(ao)bei'(ao)—bei(ao)ber'(ao) (473

T2 [oer(a,)] +[bei (a,)]

where:

L N, (4.74)

lkJ(r)

Figure 4.15: Current distribution across an infinitely long round wire

»

r
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The kelvin functions (ber(«,), bei(ea,)) are represented by an equivalent series
expansion of:

ber(a,) = i[—(_l) %" ]

=2 @)’

5[]

= 22 [2n+ )]

Using the orthogonality approach as described in [4.28], the resistance ratio for m layers

considering both skin and proximity effects, is:

 ber («, ) bei' () —bei (e, )ber (a,)

ber (ar,)] +[bei'(a,)T
. :% [ ber (aot))} +[ e:)(Ollo)] N » @75)
on(2m-1)? er, (a, )ber (a,)+bei, (o, )bei («,)

[ber ()] +[bei(e,) ]

In Litz wire windings, the proximity effect may be further divided into strand level and

bundle level effects. Bundle level effects depend on the pattern of twisting and are not
directly affected by the number and/or the diameter of individual strands, and thus are
not considered in the power loss analysis [4.47]. Skin effect may be neglected within
individual strands, as strands diameters are usually chosen to be less than the actual skin
depth. The strand level proximity effect due to external magnetic fields caused by
currents in all other strands, neglecting the skin effect within individual strands, results
in the approximated resistance ratio [4.5]:
R 7? f2un*N%d?

F,=—¢=1+
"R, 192p°h? (4.76)

N is the total number of turns, n is the number of strands, d, is the diameter of each
strand without insulation, p is the resistivity of copper, and b, is the core window area
breadth. This equation is equal to the first term of the Bessel function solution

expansion, combined with the assumption of a trapezoidal field distribution [4.47].
e. Winding power loss for non-sinusoidal currents

High frequency transformers used in PWM DC/DC converters are subject to non-
sinusoidal winding currents. Such currents may be of a continuous or pulsating nature,

depending on the specific application. However, by using a Fourier analysis/expansion,
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the fundamental component, associated harmonics, and DC component (if present) can
be obtained as follows:

i=1 +ilmn cos(nat+¢,)=1 +\/§ilncos(na)t+(pn) (4.77)

n=1 n=1
where I is the winding DC component, I,,, is the maximum amplitude of the n™
harmonic, and | =\Elmn is its equivalent RMS value. The winding power loss due to

the DC currents, and associated harmonics is then [4.5]:

P=1%R,. +Z|§Rn

(4.78)
n=1

=1°Rye + I7R + IZR, + IZR, +...

2 2 2
=1°R,. |1+ R (hj +i(l—2) L (k] +...
Roc U Roe U Roe U

_ IR, {1+ > Fe (Tj } (4.79)

n=1

where Fgr, is the equivalent nth harmonic resistance to DC resistance ratio. The

equivalent skin depth for the nth harmonic is:

S = |-L_ -9
" aunf  Jn

where ¢; is the skin depth at the fundamental frequency f. The equivalent nth harmonic

(4.80)

resistance ratio for foil conductors can then be obtained for each individual harmonic

component by substituting into (4.76):

sinh [thj +sin[2t§n]

cosh [ Ztg/ﬁ) —CO0S

ki

F.. n @ (4.81)
ve sinh [t\/ﬁJHin[t\/ﬁJ
2 (mo1) 0 °
3 cosh (t\/ﬁ] —CO0S (t\/ﬁJ
S S

In the case of Litz wire windings, and specifically for square wave current waveforms,
an approximate value for the total RMS AC to DC resistance ratio is presented in
[4.47]:
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2
feff

f?

FR,RMS :l+(FR ( fl)_l) (4.82)

Where f is the effective frequency for the nonsinusoidal waveform, and f; is the
fundamental frequency. A square wave with finite sloping edges leads to a finite value

’ 6
for =21, m (4.83)

where A is the transition time as a fraction of the total period. This expression is valid

of fe, which is:

provided there is no significant harmonic current for which the wire diameter is large
compared to the skin depth. Based on the rule of thumb that the highest important
harmonic number is given by n=0.35/ A, a rough check on this would be to calculate

the skin depth for a maximum frequency of f_, =0.35f /A, and then to compare it to

the wire diameter. If there are significant harmonics for which the skin depth is small

compared to the wire diameter, an exact solution is preferred [4.47].
4.4 Design criteria

The transformer design process involves not only obtaining the leakage inductance or
turns ratio, but is subject to many other constraints. The core must be chosen according
to window area requirements. Core magnetic properties and power loss must also be
considered. The maximum flux density must not saturate the core, and the core
magnetic characteristics must meet the required specifications. Window area
requirements are subject to the required conductor cross section area, considering the
insulation fill factor. Winding restrictions may result in a larger window area
requirement, due to the use of interleaving, for reducing the leakage inductance and/or
the proximity effect losses. Other design restrictions such as the requirement of a
minimum total power loss, minimum volume, specific leakage inductance, and
implementation difficulties also govern the design process. Basic design methods
presented in many texts include the area product, kg, and kge methods. For the area
product method, the core geometry for a two winding transformer is selected based on

the required core area product, presented by:

A, = AW, (4.84)
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Where A; is the core cross sectional area, and W, is the core window area. The required

core window area is:

=ki(NA+N2A2) (4.85)

u

Where k, is the window utilisation factor, N; and N, are the primary and secondary
number of turns, A; and A, are the primary and secondary cross section areas:

L o,
A=A =2 (4.86)

Where I; and I, are the primary and secondary RMS currents, and J is the required
primary and secondary conductor current density. This design methodology can be
applied to most high frequency transformer designs, such as the design presented in
[4.15]. A better approach is to use the k, method. The geometrical constant k, which is
a measure of the effective magnetic size of the core, for which a desired magnetising
inductance, maximum operating flux density, and total DC copper loss are achieved, is
[4.13]:

_AW,
kg BYE (4.87)

where MLT is the average mean length per turn for all windings. A core must be chosen
to satisfy the following condition [4.13]:

22
pLMItotIM ,max

o B2 kP

max” "u" cu

(4.88)

where Ly is the required magnetising inductance referred to the primary side, Iy is the
total winding currents referred to the primary side, Iy is the peak magnetising current
referred to the primary side, Bmax iS the maximum operating flux density, k, is the

winding fill factor, and P, is the desired allowable total copper loss.

The kge method is a modification to the kg method, in which both the copper and core
loss are used as constraints. The optimum operating flux density is obtained where both
the core and DC copper losses are minimised. A core is selected according to the
following condition [4.13]:

p/llzlétkzﬂ
gfe 4k =) T ZEn)

tot

(4.89)
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Where ki and g are material constants which are obtained from the manufacturers
datasheets, and A; is the applied primary volt seconds. However, the minimum loss
approach can be applied without the need to evaluate the geometrical constants ky and
kgte. The process basically depends on selecting a core geometry which accommodates
the transformer windings, and operates at the optimum flux density which minimises the
core and winding losses. Different approaches applying this method are given in [4.16],
[4.17], [4.18], and [4.22]. An added minimum volume constraint is also used in [4.19].
The design process is not restricted to certain procedures, but however is directed with

the some design constraints, which are common to all designs.
4.5 Nanocrystalline transformer design

The requirement is to design a high frequency centre-tapped transformer with the
specifications in Table 4.1. The transformer is utilised in the high-current low-voltage
DC-DC converter under study, which supplies a continuous 1000 A DC current at 8 V.
A higher transformer output voltage (> 8 V) must be specified in order to account for
the rectifier diode and leakage inductance voltage drops. The operating frequency is not
restricted to a specific value, but however is specified to be in the range between 10 to
20 kHz. This gives flexibility in order to fulfil the minimum volume restriction.

4.5.1 Primary and secondary winding conductors

Based on the lowest loss density and highest flux swing among the different core
materials, the design is to be based on a nanocrystalline core material. The core material
Nanoperm®, with a saturation flux density of 1.2 T, is selected based on availability
considerations. A single turn foil winding is the optimum choice for the 1000 A high
current secondary windings. Specifying a secondary voltage of 11 V, to compensate for
the rectifier diode and leakage inductance voltage drop, gives a primary number of turns

(approximated to the nearest integer) of:

V. 600
Nl:\TlNZIHX1:54 (4.90)

2

The primary RMS current is then:

N 1
N_i B :5—4><1000:18.5A (4.91)

Il
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The secondary winding consists of two single-turn secondary windings to be connected
as a centre tapped configuration. The selection of winding conductors is based on a
current density J of 3 A/mm? (as specified from the AWG standard for continuous
current in copper conductors). The primary and secondary conductor cross sectional

areas are:

A =£=@=6.17mm2 (4.92)
J 3
A, =|J—2=¥=333.3mm2 (4.93)

For centre tapped rectifier operation, each secondary winding carries half the total
secondary RMS current. Hence, each secondary winding is constructed with half the
required conductor cross section area. However, increasing the conductor cross section
area reduces the winding DC power loss, and is permissible if excess window area is
available. The skin depth at 20 kHz is:

75 75

*= 7~ Jz0000

Litz wire with individual strand diameters less than the skin depth are used for the

=0.53mm (4.94)

primary winding conductor, and foil windings with a thickness less than the calculated
skin depth are used for the single turn secondary windings. The dimensions of the
secondary winding conductors are to be chosen after selecting the appropriate core
geometry. However, using a window utilisation factor k, of 0.4 [4.16], the required

window area is:

W — N,A +2N,A  54x6.17 . 2 x1x166.665
A k 0.3 0.4

u

=1943.9mm’ (4.95)

4.5.2 Core and winding geometry

To choose an appropriate core geometry, a minimum window area and a cross sectional
area must both be specified. Using the empirical transformer EMF equation obtained

from Faraday’s law (E, =k;B, A fN,); where ks is the form factor (ki = 4.44 for sine

wave and k; = 4 for square wave operation), A. is the core cross sectional area, f is the
operating frequency, E; is the primary voltage, and N, is the primary number of turns;

the operating flux density Boy, is:
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B - E 600
o kA TN, 4xA xfx54

(4.96)

To choose a core that satisfies minimum volume requirements governed by the smallest
window area, as well as the core cross sectional area governed by the maximum

operating flux density (B,, <+0.8B_,, ), the main restrictions are:

op — — sat
W, >1943.9mm? (4.97)
B,, <+0.96T (4.98)
10kHz < f < 20kHz (4.99)

The maximum operating flux density of 0.8Bsa iS selected to account for material
differences, different quadrant BH characteristics and possible temperature variations of
Bsat. Equation (4.96) is plotted for the available core dimensions provided by the
manufacturer. M142 satisfies all inequalities, hence is selected for this design. A
minimum operating frequency of 14 kHz is specified to avoid core saturation.

22 ! ! ) ! T T T T T

WA—96714mm ‘
e e o D i W;{!'Zi'?il‘;'é"rﬁ'rh v MR
: : WA— 28 7443mm

M-302
111

M-248

Flux Density (Tesla)

10 11 12 13 14 15 16 17 18 19 20
Frequency (kHz)

Figure 4.16: Operating flux density versus the operating frequency for the available core dimensions,
showing the window area for each core

Based on the calculated skin depth, using Equation (4.94), the primary and secondary
winding conductor specifications, and the effective utilisation factor, are listed in Table
4.3. Windings are arranged on the core as shown in Figure 4.17. The primary winding is
divided between the two oval core limbs, with 27 turns on each side, connected in
series. For the secondary winding, 5 parallel connected foil windings are placed over the
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primary winding on each side, and are to be connected in series with a centre-tap

termination.

Table 4.3: Primary and secondary conductors specifications, and the effective window utilisation factor

) Litz wire (diameter =0.4mm) _ 2
Primary Conductor 46 strands A, =5.78mm
Secondary Conductor Copper sheet (Thickness = 0.45mm) A = 225mm?

5 parallel connected sheets per winding

_ 54x5.8+2x225
4552

Effective Utilisation Factor k, =0.17

25 mm
| —>|

172 mm
131 mm
100 mm

37mm
Figure 4.17: Front and side view of primary and secondary winding arrangement, and core dimensions

4.5.3 Leakage inductance calculation

The leakage inductance is calculated based on the energy stored within the windings,
insulation and air gaps volume. For centre tapped operation, the total leakage inductance
referred to the primary side is the sum of the primary to half secondary and the primary
to full secondary leakage components. The primary to full secondary leakage represents
the cross coupling between the two single turn secondary windings connected with a
centre tap, in which current commutation occurs during each half cycle of operation.
The MMF distribution for calculating the primary to half secondary leakage is shown in

Figure 4.18.
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Figure 4.18: MMF distribution across the transformer windings for calculating the primary to secondary
leakage inductance

For a rectangular winding with insulation, the energy stored in each winding and

insulation section, based on the same method presented earlier, is:

212
w,, = £l (G o (4.100)
8L, 3
N7t
W, = %(cm +4t,) (4.101)
2 2
el | (0093) 4 (n-1-5]
: ;klgsz Cq . +1, ) (4.102)
+(n-1)-= o1 18 (n—l)——j+2
2) 2 3 2
4 N2 1Y
W, = SLN 1 Z} E_E (Cqn +4t,) (4.103)
HNT I,
W,, = TF’(C92 +4t,,) (4.104)
HNIIE (e, 2t
2= gl (3 3 (4.105)

where Wy is the energy stored in the first part of the primary winding, Wy is the energy
stored in the insulation gap between the primary and secondary windings, W; is the

energy stored in the secondary foil winding, Wgs is the energy stored in the insulation
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between the individual foil copper conductors, Wy, is the energy stored in the gap
between the second primary and secondary windings, and Wy, is the energy stored in the
second primary winding section. A cross sectional view of one core limb with primary
and secondary winding is shown in Figure 4.19 for illustration. Winding and insulation

thickness, and other associated variables are listed in Table 4.4.

Figure 4.19: Cross section view of primary and secondary windings on one core limb
Table 4.4: Parameter definitions for winding geometry

Variable Description Value
t, Primary winding thickness 2mm
ty Primary to secondary insulation gap thickness 2mm
ts Individual secondary sheet thickness 0.45 mm
tos Insulation thickness between secondary winding sheets 1 mm
t, Distance between secondary gnd second primary winding 25 75 mm
section
L, Primary winding cross section length 20.5 mm
W, Primary winding cross section width 25 mm
Cp Primary winding inner circumference 2L, +2W,
Cq Primary to secondary gap inner circumference 2L, +2W,
Cs Secondary winding inner circumference 2L, +2W,
Con n" secondary winding layer inner circumference ¢, +8(n-1)(t, +ty)
Csn n™ secondary interlayer gap inner circumference c,+8t, +8(n—1)(t +1t )
Csp secondary to second primary section gap inner circumference C,

The energy stored in each winding section is calculated using a Matlab m-file program,
which is given in Appendix C4. The calculated primary to half secondary leakage
inductance is:

L

primary—half secondary =

2 x% = 46.4 uH (4.106)

1

Similarly, the MMF distribution for calculating the primary to full secondary leakage

inductance is shown in Figure 4.20.
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Figure 4.20: MMF distribution across the transformer windings for calculating the primary to secondary
leakage inductance

The leakage energy stored in the primary winding Wp: and Wp,, and primary to
secondary insulation gaps Wy and Wy, are the same as calculated earlier. However the
leakage energy stored in both secondary windings Ws; and Ws,, as well as the interlayer

insulations Wgsn1 and Wysn, are:

(4.107)
8L, o 4((n-1)-k)’
+t
s| 16
—((n-1)-k)+2
_ +3 (n-1)—k)+ _
,UON2|2tS k=1 n 2
Wgsl :WgSZ :#E(E_ J (Cgsn+4tgs) (4108)

Thus the primary to full secondary leakage inductance referred to the primary side is:

Wo a
primary— full secondary = 2 X % = 87 IUH (4109)

1

L

and the total leakage inductance is:

+ I—primary— full secondary = 551/UH (4110)

L(otal = I-primary—half secondary
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4.5.4 Power loss analysis

a. Core power loss

Core loss is calculated based on a modified power loss equation provided by the

manufacturer, which accounts for the input voltage form factor, given by [4.48]:

P.=C,F"f’B’ (4.111)

X y z

1 1 1

where: C =P x| = — —
m OX(FOJ x(fo) X(BJ (4.112)

The constants F,, fp, and B, are the initial form factor, frequency, and magnetic flux
density, at which the power loss P, is calculated, while F, f, and B are the applied
voltage form factor, frequency, and magnetic flux density respectively. The parameters
X, Y, and z are also provided. Parameter values and an estimate for the core power loss
are shown in Table 4.5.

Table 4.5: Core power loss calculation according to the manufacturer’s equation
Parameter Values (provided by the

Core Power Loss

manufacturer)
P, = 80 Wikg c :sox(i)wx( 1 jl'gx(ijz
Fo=1.11 " 1.11 100 x10° 0.3
f, = 100 kHz 7 el
=7.52x107 k
B,=03T 52x107 kg
x=1.6 L6 L8 ,
y=18 P, =C,, x(1)" x(14x10%) ~ x(0.96)
z=2 — 20.13W / kg

The core weight is calculated using the material properties (given in Appendix C2), and

the selected core volume:
M =KV p;, =0.8x(7.74x10°m*)x(7350kg / m*) = 0.57kg (4.113)

where k, is a volume correction factor to account for insulation thickness and

laminations. The estimated maximum core power loss is thus:

P. =11.47TW (4.114)
b. Winding power loss

The primary winding DC resistance, which is calculated for each limb separately, is:
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P (MLT) Ny 1.73x10°° x107 x10°° x 27
A, 467 (0.4x10°/ 2)

RDC,l =

=8.65mQ (4.115)

The AC to DC resistance ratio at 14 kHz for the chosen Litz wire, to account for the

skin and proximity effects, is:

R 74 £22n?N2d°
F o= ac _q, A |
7% x (14 x10° )2 X (47[ x107’ )2 x 46% x 27% x (0.4 x107° )6
—1+ =1.33 (4.117)

192x(1.73x10° ) x(100x10°)’

However, due to the fact that the current is non-sinusoidal, an effective AC to DC ratio
factor is calculated based on Equation (4.82), for an equivalent square wave primary
current. Using the calculated leakage inductance, the primary current transition time is
calculated from:

\Y

sLy=—— 4.118
“ AN AL (4.118)
H -6
atoAixl, 37.04x5543x10° 4 usec (4.119)
\% 600
And the transition time as a fraction of the total period A is:
_ 34psec o4 (4.120)
71.43 usec

The effective frequency is then:

f 6 6
f,=—1 |———=2x14x10° ~ 22.3kHz
2\ A(B-4A) i \/0-04(3—4><0.O4) (4.121)

The equivalent resistance ratio factor is:

2

fe 22.3Y
Feaws =1+(Fe (f,)-1)-3 =1+(1.3315—1)X(F) =251 (4.122)

2
1

The total primary resistance is:
Ruc1 = 2% Rpcs X Fg pys =43.4mQ (4.123)
And the primary winding power loss is:

P = 1Ry, =14.87TW (4.124)
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For the expected secondary winding current waveform, the Fourier series expansion

RMS currents generated using Matlab are shown in Table 4.6.

Table 4.6: Harmonic power loss in secondary winding according to the calculated resistance ratio

Harmonic (kHz) RMS Current (A) Rac/Roc Rac (uQ) Power Loss (W)
0 409.01 1 11.38 1.9
1 (Fund. 14) 426.03 1.69 19.3 3.49
2 (28) 115.28 3.69 42 0.56
3(42) 86.57 6.77 77 0.58
4 (56) 81.51 10.62 120.9 0.8
5 (70) 8.79 14.94 170 0.01
6 (84) 42.84 19.43 221.1 0.41
7 (98) 12.18 23.88 271.8 0.04
8 (112) 14 28.15 320.3 0.06
9 (126) 8.82 32.15 365.8 0.02
13 (182) 4.25 45 512.1 0.01
14 (196) 4.62 47.51 540.6 0.02
16 (224) 6.03 51.85 590 0.03

Total power loss per secondary winding P, 7.93W

Therefore, the transformer winding total power loss is:
P, =P +2P, =30.73W (4.125)

4.6 Finite element analysis using Maxwell 2D and 3D simulator

4.6.1 2D finite element analysis

Transformer design and operation is first collaborated using Maxwell 2D and 3D
simulators, before implementation. Maxwell 2D is only used to check the maximum
operating core flux density, to verify that core saturation does not occur. The winding

arrangement and maximum core flux density are shown in Figure 4.21.
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Figure 4.21: Maximum operating flux density through the core
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4.6.2 3D finite element analysis

a. Transient analysis

The Maxwell finite element analysis simulator links the transformer model to a circuit
simulator, for assessing the transformer transient response. The circuit diagram used in
conjunction with the Maxwell simulator for transient analysis is shown in Figure 4.22.
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Figure 4.22: DC/DC converter schematic using Maxwell circuit editor

The transformer core and windings are captured in the geometry editor as shown in
Figure 4.23. Copper material properties are then assigned to the windings, while the
Nnoperm® core material properties obtained from the manufacturer, are added to the
core model. The primary winding current and voltage for one cycle is shown in Figure
4.24, with a primary voltage duty cycle of 98%. Centre tapped secondary winding
voltages and currents are shown in Figure 4.25. Currents are measured through
individual sheet layers to show the current distribution due to proximity effects as
shown in Figure 4.25c and Figure 4.25d for secondary windings 1 and 2 respectively.
The output load voltage and current are shown in Figure 4.26, while the copper and core
losses are shown in Figure 4.27.

Figure 4.23: 3D transformer geometry
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Figure 4.24: Transformer primary winding voltage and current
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Figure 4.25: (a) Secondary winding 1 voltage, (b) secondary winding 2 voltage, (c) individual sheet
currents for secondary winding 1, and (c) individual sheet currents for secondary winding 2
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Figure 4.26: Load voltage and current
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Figure 4.27: Core and winding power loss

b. Leakage Inductance Calculation

Eddy current analysis simulations are carried out for the transformer core and winding
geometry shown in Figure 4.23. The leakage inductance is calculated by calculating the
winding terminal inductance while all secondary windings are short circuited. Two
simulations are performed to calculate the total leakage inductance; the first with one
secondary shorted to calculate the primary to one secondary leakage inductance, and the
other with both secondary windings shorted to calculate the primary to full secondary

leakage inductance component. Simulation results are shown in Table 4.7.

Table 4.7: Leakage inductance simulation results

Primary to one secondary leakage inductance 37.84 pH
Primary to full secondary leakage inductance 5.17 uH
Total leakage inductance 43.02pH

c. Effect of Bus-Bar Terminals

High current bus-bar terminals are used for connecting the transformer secondary
winding to the rectifier circuit. The inductances of the terminals, as well as the rectifier
circuit layout add to the leakage inductance of the transformer, and can severely affect
circuit performance. The winding arrangement with the added secondary termination is

shown in Figure 4.28.
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Figure 4.28: 3D transformer geometry with secondary winding with bus-bar terminals

The increase in leakage inductance can be directly observed through the primary current

waveform as shown in Figure 4.29. The transition time taken to reverse the current

direction is increased from 3.4 us to 7 ps, which is due to the presence of nearly twice

the leakage inductance compared to the transformer without the bus-bar terminals. The

effective secondary voltage duty cycle is also reduced for both secondary windings as

shown in Figure 4.30a and 4.30b respectively. The power loss is also increased due to

the solid copper conductors, as shown in Figure 4.32. Eddy current analysis leakage

inductance results are shown in Table 4.8.

Ansoft LLC Primaw V0|t,3ge and Current Maxwell3DDesignl

1.40 5

1203
= 1003
2, 0805

0.60

0.40

oltage(1V_primary)
L0 >
S
|

Curve Info E
—— NodeVoltage(IV_primary) E
it

Setupl : Transient
— BranchCurrent(VI_primary) | E

Setupl : Transient

BranchCurrent(V1_primary) [A]

6500 7500 85100 65.00 1?5‘.00 1115.00 12500 135.00 145.00
ime [us

Figure 4.29: Primary winding voltage and current
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Figure 4.30: (a) Secondary winding 1 voltage and current, and (b) Secondary winding 2 voltage and current
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Figure 4.32: Core and winding power loss

Table 4.8: Transformer leakage inductance for the case of added secondary bus-bar terminals

Primary to one secondary leakage inductance 73.6 uH
Primary to full secondary leakage inductance 20 pH
Total leakage inductance 93.6 uH
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4.7 Summary and discussion

A high frequency (14 kHz) nanocrystalline core based transformer design has been
presented. Nanocrystalline materials can significantly reduce overall transformer
volume due to higher saturation flux density, which results in fewer winding turns for a
given voltage. Thin copper sheets are used for the high current secondary windings.
Different power loss components were analytically estimated. Leakage inductance was
calculated based on an energy storage approach, which is directly related to the winding
arrangement and geometry. Bus bars are used to provide high current winding
terminations, which increase the reflected leakage inductance to the primary side.
Finally, finite element analysis simulations validated the design. Comparison between
calculations and FEA simulation results are shown in Table 4.9.
Table 4.9: Comparison between calculations and FEA simulation results for different power loss

components and leakage inductance calculations
FEA Simulation without ~ FEA simulation with

Calculations

bus bar terminals bus bar terminals
Primary winding 14.87 W 8W
power IO_SS - 21 W combined
Secondary winding 15.86 W 59 W
power loss '
Core power loss 115W 9.1W 71W
Total losses 422 W 30.1W 74.1W
Leakage inductance 55.1 pH 43.02 pH 93.6 uH
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Chapter 5

Synchronous Rectification and Parallel Operation of MOSFETSs

High current density is demanded in many power electronic applications. MOSFET
devices are typically used in high frequency converters to attain a low switching loss,
and in rectifiers requiring low conduction losses as synchronous rectifiers. For high
output current requirements paralleling more MOSFETs is employed to meet the
required ratings. Proper modelling is required to effectively study the current sharing

between parallel connected devices, and specify safe margins for a reliable operation.

In this chapter, a Matlab based MOSFET device model is presented. The effect of
increased common source and drain inductances, plus including junction capacitances
variation with source drain voltage, are first analysed. The model is enhanced by
including a thermal network to update temperature dependant device parameters.
Simulation for two parallel connected devices with drain, then common source
inductance mismatch are discussed. The model is extended to n-devices to show the
effect of drain and common source inductance mismatch for a large number of
paralleled devices. Finally, the model is utilised in a 1 kA synchronous rectifier design,

with 10 parallel connected devices.
5.1 Background

Synchronous rectification is used in applications requiring low output voltage and high
efficiency, where the forward voltage drop when using a diode rectifier is considered
significant [5.1]. The diode rectifier losses in low voltage rectifiers contribute to a major
part of the overall converter losses. MOSFET devices possess resistive characteristics in
the conduction mode [5.2]. The effective on-resistance for newly developed low voltage
MOSFETSs can be less than 1 mQ, with current ratings up to 430 A in a single module,
which can be adequately utilised in low-voltage high-current circuit applications
requiring high efficiencies. The ratio between the voltage drop across the rectifying
device and the output voltage is an important aspect of low voltage requirements. The
application of synchronous rectification to forward converters has been broadly

introduced and analysed for output voltages of 1.5 V to 5 V. Efficiency improvement
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over Schottky diodes due to the lower conduction loss has been reported for output
currents up to 15 A, and switching frequencies below 800 kHz [5.3], [5.4]. At higher
frequencies and output currents, body diode conduction and reverse recovery loss
increase dramatically, and MOSFET advantages diminish [5.5]. However, synchronous
MOSFETs with added parallel connected Schottky diodes is reported to improve
efficiencies for converters operating up to 10 MHz, provided the interconnecting

parasitic inductance is minimised [5.6].

Full-wave rectification methods are used for higher power requirements and better
transformer utilisation. The centre tapped topology is proffered for low voltage
requirements, as only one device voltage drop is present per rectification path. Hence,
higher efficiencies can be obtained over the full bridge configuration [5.7]. However,
current doubler and tripler topologies result in lower transformer secondary currents

(and hence, losses), by sharing the current with added inductors [5.8], [5.9].

Device paralleling is used when current requirements cannot be met with a single device
package. Paralleling can be also used for reducing the on-resistance of the rectifying

path, since MOSFET devices possess resistive characteristics.

MOSFETs may be represented by an equivalent temperature dependant resistance for
studying the parallel operation at low switching frequencies, where only the conduction
losses are to be considered [5.10]. Analysis at higher switching frequencies can be
approximated by an added branch inductance, to approximate the turn-on current
transients [5.11]. Including different device parasitic components, such as channel
capacitances and terminal inductances (drain, gate and common source inductances),
give more accurate results to the device switching behaviour. Minimisation of these
inductances is required to obtain optimum switching performance. Trade-offs are

between switching overshoot and oscillations, and the associated switching loss [5.12].

In case of paralleled devices, drain and common source inductance mismatch, as well as
device specific parameters (such as the threshold voltage, transconductance, on-
resistance, and junction capacitances), cause current sharing imbalance which may be
maintained at suitable levels through power circuit design and parameter screening
[5.13]. The use of individually adjusted gate decoupling resistors can also effectively

reduce the imbalance in certain cases [5.14]. Series balancing resistors may be used to
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equalise conduction currents, but is not a practical solution in case of high current
devices [5.15]. The use of coupled inductors in individual device current paths forces
the current sharing without introducing excessive conduction power loss, and is a
possible solution for reducing the current imbalance in case of unmatched device

parameters [5.16].

MOSFET devices parameters are temperature dependant, which should be included in
device models to provide realistic simulations and ease circuit design. Different
approaches to include electro-thermal device behaviour in device models are presented
in [5.17], [5.18], [5.19], [5.20], [5.21], and [5.22]. For circuit design engineers, using
accessible device datasheet curves for different parameter variations with temperature is
considered better. Parameter variations which are included in most device datasheets are

on-resistance, threshold voltage, and breakdown voltage.

Asymmetrical layout or unequal interconnecting paths, lead to different branch
inductances. This causes different transient current sharing and steady state device
temperatures. Devices in such conditions are subject to different electrical and thermal
stresses, and may lead to device failure [5.23]. Device breakdown voltage is inversely
proportional to the on-resistance, and cannot be neglected in the case of low voltage
applications where the device is chosen for low power loss considerations [5.24], [5.25].
An easily modified, yet accurate approach to simulate devices in such conditions is

required.
5.2 Synchronous rectification

Synchronous rectifiers utilise MOSFETs which are switched ON and OFF in
synchronism with the supply to obtain the same rectifying action as diodes. A basic
half-wave synchronous rectifier circuit is shown in Figure 5.1. The main current
conduction path is from the source terminal to the drain terminal [5.26], which is in the
same conducting direction as the internal body diode during the positive half cycle. The
gate signal is synchronised with the supply; that is, the MOSFET device is turned on

during the positive half cycle, and turned off during the negative half cycle.
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Figure 5.1: Basic half-wave synchronous rectifier

The main advantage of using the MOSFET is the low forward voltage drop, which is
considered significant in low output voltage requirements. Synchronous MOSFETS
where first introduced in forward buck converter circuits, in which the freewheeling
diode is replaced with a MOSFET device as shown in Figure 5.2a. synchronous
rectification is also applied to centre tapped rectifiers as shown in Figure 5.2b. The same
concept is also applied to other circuit topologies used for low output voltage
requirements, such as the current doubler and tripler circuits shown in shown in Figure
5.2c and Figure 5.2d respectively; these take the advantage of the synchronous
MOSFET lower forward voltage drop. However, the centre tapped topology remains the
better choice for extremely high output current requirements, to avoid extra circuit
components. Centre tapped rectification with an output current of 20 MA is proposed in

[5.27], where device paralleling is used to achieve the required ratings.
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Figure 5.2: Isolated switched mode synchronous rectifier circuit configurations used for low-
voltage requirements: (a) forward converter, (b) centre tapped rectifier, (c) current doubler
rectifier, and (d) current tripler dc/dc converter

Typically, two driving strategies are used for isolated converters: self-driven methods,
which obtain the driving signal directly from the secondary side of the transformer,

either through the same or an auxiliary winding, and control driven methods, in which
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gate signals are obtained from the primary side controller [5.28]. The two control

techniques are illustrated in Figure 5.3.
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Figure 5.3: (a) Control-driven, and (b) self-driven synchronous rectification

The presence of a parasitic body diode in parallel with the MOSFET makes it
impossible to control the turn off while conducting in the forward direction. Parasitic
body diode conduction must be avoided as it produces much higher switching losses
and voltage drop. When the supply is in the positive direction, the gate signal must be
accurately timed to avoid body diode conduction. Body diode conduction may be
observed during the switching transition times. However, the gate signals should be

adjusted to minimise these periods.

5.3 MOSFET device model for circuit analysis

MOSFETSs are voltage controlled devices in which the gate voltage controls turn-on and
turn-off. A slow gate voltage rise results in delayed turn-on, and vice versa. For power
electronic applications at a switching frequency of a few tens to several hundred
kilohertz, the switching times are dominated by the equivalent circuit model parameters
and circuit layout parasitic components [5.17]. The basic equivalent circuit model is
shown in Figure 5.4a, in which the device is basically represented by a current source.
The equivalent circuit including the device parasitic components affecting the device
transient behaviour is shown in Figure 5.4b. The device is connected to a resistive load,
while the inductive load part may be included into the drain inductance. The device
input capacitance (Ciss= Cys + Cyq) and the total gate circuit resistance (rs + Rq) produce
the device turn-on delay. The output capacitance (Coss= Cgs + Cgqq) is charged and

discharged during turn-on and turn-off. The reverse transfer capacitance (Crs= Cgya),
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known as the Miller capacitance, couples the drain source voltage (Vgs) to the gate

voltage (Vgs). These capacitances are nonlinearly inversely proportional to the drain-

source Vvoltage. Including this nonlinearity gives more accurate switching loss

calculations. The common source and drain inductances (Ls and Lg) are also critical

parameters which shape the gate-source voltage, slow down the rise and fall of the

drain-source voltage and drain current (ig), and directly affect device switching losses.
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Figure 5.4: Basic equivalent MOSFET model (a), and equivalent circuit including model parasitic

components

The MOSFET switching dynamics are governed by the following simplified conditions

for the controlled current source shown in the equivalent circuit model [5.2]:

0 Vgs < Vth
\Y/
O (Vgs _Vth) Vgs >Vth and O (Vgs _Vth) < R =
ds(on)
V Vv
R = Vgs >Vth and g fs (Vgs _Vth) > =
ds(on) ds(on)

(5.1)

where g is the device transconductance, Rgseony IS the effective channel resistance

through the saturation region, and Vy, is the threshold voltage. The equivalent circuit

may then be modelled by a set of differential equations, to aid the analysis. By using

Kirchhoff’s voltage and current laws for the input loop:
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) d(i +i o
V,, =V, —i,R, - Ls(gd—tL)_('g +i )R, (5.2)

dv
i, =Cp o M

=C. 5.3
g 1SS dt rss dt ( )

Equation (5.2) is the gate circuit voltage loop equation, and shows the effect of the
common source inductance on the gate circuit. Equation (5.3) shows the effects of both
the input capacitances and the reverse transfer capacitance on the switching dynamics.

For the output voltage loop:

i d(i, +i
Vds:Vdc—iL(RL+Rd)—LD%—LS%—(ig+iL)RS (5.4)
av
i =i+c o c Do (5.5)

0ss dt Irss dt

Equations (5.1) to (5.5) are modelled using Matlab Simulink, to show the effect of
common source and drain inductances variation on the switching performance. The
device used for simulations is the IRFP4668PBF, with a current and voltage ratings of
130 A and 200 V respectively, as shown in Appendix D. The device model is used to
switch on and off a 1 Q resistive load at 10 kHz, and 100 V. Two cases are studied, one
with a fixed drain inductance value while increasing the common source inductance
value, and the other with a fixed common source inductance value while increasing the
drain inductance. However, the common source and drain inductances are not only
determined by package values, but also include the circuit layout and current path

parasitic inductances.
5.3.1 Effect of increased common-source inductance

The device is simulated with a common source inductance of 10, 100, and 200 nH, and
a fixed drain inductance of 10 nH. The increase in common source inductance reflects
the change in gate and load current as described by (5.2), hence slows down the gate
voltage rise and fall during device turn-on and turn-off as shown in Figures 5.3a and

5.3b respectively.
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The effect of charging and discharging the input capacitance and the change in the drain
source voltage on the gate current is described by Equation (5.3). Gate current
waveforms at turn-on and turn-off are shown in Figure 5.3c and Figure 5.3d
respectively. Faster device turn-on leads to higher gate current peak values, while peak

turn off gate current remains virtually the same.

Increased common-source inductance slows down the source drain voltage as described
by Equation (5.4), and reflect on the gate current and gate-source voltage. The drain
current is also affected in the active and saturation regions, since it is a function of the
gate-source and drain-source voltages respectively. The effect of increased common
source inductance on the drain-source voltage and drain current waveforms during turn-
on and turn-off are shown in Figure 5.5 parts e to h respectively. Slower voltage and

current changes are observed.

Device output capacitance charge and discharge during turn-on and turn-off is included
in Equation (5.5), which has a direct effect on the drain-source voltage as shown. The
drain current maps the same response due to the fact that most of the switching period
occurs in the saturation region, which is represented by the resistive characteristics of
the device as given in Equation (5.1), and is shown in Figures 5.5g and 5.5h for turn-on
and turn-off respectively. Device turn-on and turn-off power losses increase with
increased common-source inductance, due to the larger drain current and source-drain

voltage overlap period, as shown in Figure 5.5i and 5.5j respectively.
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Figure 5.5: The effect of increased common source inductance, with drain inductance kept at 10 nH, on:
(@) turn-on and (b) turn-off gate-source voltage, (c) turn-on and (d) turn-off gate current, (e) turn-on and
(f) turn-off drain-source voltage, (g) turn-on and (h) turn-off drain current, and (i) turn-on, (j) turn-off
power loss

5.3.2 Effect of increased drain inductance

An increased drain inductance has an opposite effect during the turn-on transient of the
gate-source voltage, as shown in Figure 5.6a. Increased drain inductance slows down
the load current as shown in Figures 5.6g and 5.6h, which is reflected by a higher rate of
change in the gate-source voltage as described by Equation (5.2). While at turn-off,
drain-source voltage oscillations observed in Figure 5.6f are reflected onto the gate
current (Figure 5.6d) and onto the gate-source voltage as shown in Figure 5.6b. The
turn-off drain-source voltage oscillations are clamped to the breakdown voltage value
by the internal avalanche capability of the device. Reduced rate of change in drain turn-
on and turn-off currents are shown in Figures 5.6g and 5.6h respectively. Turn-on
power loss decreases with increased in drain inductance as shown in Figure 5.6i, due to
the faster drain-source voltage response. However, turn-off losses increase dramatically

as shown in Figure 5.6j.
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Figure 5.6: The effect of increased drain inductance, with common source inductance kept at 10 nH, on:

(a) turn-on and (b) turn-off gate-source voltage, (c) turn-on and (d) turn-off gate current, (e) turn-on and

(f) turn-off drain-source voltage, (g) turn-on and (h) turn-off drain current, and (i) turn-on and (j) turn-off
power loss
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5.3.3 Effect of junction capacitance nonlinearity

Parasitic capacitances directly influence the device model switching waveforms and
switching losses [5.29]. Modelling the capacitance variation with drain-source and gate
source voltages is complicated, and requires experimental parameter extraction.
Different approaches are presented in references [5.30], [5.31], and [5.32]. However, the
simplest approach is to use the data given in the manufacturer’s datasheets. The
capacitance (Ciss, Coss, and Cyss) Vvariation with the drain-source voltage range are
extracted from the manufacturer’s datasheet curves as given in Appendix D1, and used
in lookup tables to update the capacitance value during simulation. The increase in input
capacitance increases the gate-source voltage time constant, and directly affects drain
current and drain-source voltage, which cause an increase in turn-on and turn-off losses

as shown in Figures 5.7a and 5.7b respectively.
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Figure 5.7: The effect of including the junction capacitances variation with the drain-source voltage on ()
turn-on power loss, and (b) turn-off power loss

5.3.4 Electro-thermal device model

MOSFET device parameters such as the on-resistance, threshold voltage, breakdown
voltage, and transconductances are temperature dependant. With most circuit simulators
providing results at fixed static temperatures, transient switching behaviour and steady
state power loss estimation becomes inaccurate, but is a prime requirement for

successful heat sink design.

Electrothermal modelling has been given significant consideration. Different
temperature dependant device models using different circuit simulators have been
developed. A physical device model formulated as a set of algebraic and partial
differential equations, representing the internal dependencies of temperature and

electrical variables implemented in spice3 is presented in [5.17]. A spice based model
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which includes the electron mobility, drain resistance, threshold voltage, and breakdown
voltage temperature dependences is presented in [5.18]. Additional subcircuits which
model the model parameters temperature variation, which are not included in the
intrinsic spice model, are added as shown in [5.19] and [5.20], and also accounting for
capacitance nonlinearities with the drain-source voltage, while VHDL-AMS code is
presented in [5.21]. A device model developed in Ansoft Simplorer is presented in
[5.22]. The temperature dependant parameters considered in the current Matlab model
are the device on-resistance and threshold voltage. The curves given in the datasheet are
used as lookup tables according to the instantaneous junction temperature, as shown in
Figure 5.8. The device junction temperature is calculated based on the following

equivalent thermal model, with a forced air-cooled heat sink:

Tj :Ta + ¢lrl + §02|’2 + ¢3(r3 + rpad + rsink) (56)
dT.
=P —c,—1 (5.7)
¢1 loss 1 dt
d 5.8
¢)2:§01—Cza(-|-j—(01r1) (5.8)
d 5.9
¢3=¢2_C3E(Tj_¢1r1_¢2r2) (5.9)

where (ry, Iy, I3, C1, C2, and c3) are the device equivalent series-connected RC-network
components determining the device thermal response, rpq is the thermal pad thermal

resistance, rsnc is the heat sink thermal resistance, (T; and T,) are the junction and

ambient temperatures respectively, and (¢,, ¢,, and ¢,) are the heat flow rates passing

through (ra, rz, and r3).

Vi I I I Footlon

Ruson) ™ . ® 15— C) ‘|‘°’ —|—C: -|_c,

Device and sink Thermal Model

T.

|

Ras(on)
/ Ti
L— T,
Ruason) Lookup Table
Vi

N

LT
Vi Lookup Table

Figure 5.8: Electro-thermal MOSFET model block diagram representation for updating the on-resistance
and threshold voltage values
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The device thermal parameters are also obtained from the manufacturer’s datasheet.
Simulation results for the device switching on a resistive load at 10 kHz, 100 V, 100 A,
and with equal common source and drain inductances of 10 nH is shown in Figure 5.9.
On-resistance, threshold voltage, and instantaneous junction temperature variation with
time, in which the junction temperature reaches an average steady state value of 65 °C,
are shown in Figures 5.9a, 5.9b, and 5.9c respectively, with a heat sink thermal
resistance of 0.3 °C/W.
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Figure 5.9: MOSFET device electrothermal model (a) transient and steady state junction
temperature, (b) varied value of on-resistance until reaching steady state, and (c) varied value of
threshold voltage until reaching steady state

5.4 Parallel operation of MOSFETS for higher current output

Paralleling MOSFETs and the associated issues have been widely addressed in the
literature, [5.13], [5.14], [5.15], and [5.16] . Dynamic and steady state current sharing
between paralleled MOSFETS is directly affected by device parameters and parasitic
circuit components. Parallel operation is basically investigated by using the equivalent
circuit model, assuming devices are turned on using the same gate signal. The
equivalent circuit for two parallel connected devices is shown in Figure 5.10. Based on
the equivalent circuit model, the main causes of current imbalance between paralleled

devices are:

e Device parameter mismatch, such as the on-resistance (Rqs(on)), threshold voltage

(Vin), transconductance (gss), and parasitic capacitance (Cgs, Cgs, and Cgs).
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e Gate drive circuit component mismatch, such as the decoupling resistors (Rg1
and Ryy), and gate loop inductance (Ls; and Lsp).
e Power circuit drain inductance (Lg; and Lg2), and common source inductance (Ls;

and Lg,) mismatch due to asymmetrical component layout.

- Cdsz

G Rae

Figure 5.10: The equivalent circuit representation for two parallel connected MOSFET devices

Different device on-resistance causes differences in steady state current sharing.
However, thermal runaway conditions do not occur due to the on-resistance positive
temperature coefficient. Transconductance and threshold voltage parameter mismatch,
as well as differences in drain and common source inductances cause differences in
transient current sharing. Gate decoupling resistors (Rq1 and Ryy) are used to adjust the
current imbalance caused by difference in Miller capacitances, and parasitic oscillations
between paralleled devices [5.13]. Parasitic oscillations may also be eliminated by using
ferrite beads [5.33]. However, parasitic oscillations are considered potentially severe for

devices paralleled by the manufacturer at the chip level [5.34].

Dynamic and steady state current imbalance is limited over a wide operating range.
However, differences in current sharing may lead to excessive thermal stressing and
operation beyond the SOA for individual devices, especially in case of a large number
of parallel connected devices [5.13]. Device parameter mismatch may be restrained to
suitable levels by employing parameter screening, and using devices from the same
production batch. Gate drive and power circuit current imbalance causes may be
reduced by symmetrical device layout, minimising connection paths, and proper gate
drive circuit design. Moreover, thermal coupling reduces thermal stresses between

parallel connected devices, and aids current balancing [5.24].
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5.4.1 Modelling of two parallel connected devices

Thermal design is an important issue, especially in the case of parallel connected
MOSFETSs. Parameter mismatch may cause different steady-state device temperatures,
and unequal current sharing. Devices having higher junction temperatures carry less
current due to their on-resistance positive temperature coefficient. The threshold voltage
and device transconductance decrease with increased temperature. Differences in steady
state or transient junction temperature would eventually cause one device to turn-on
before the other devices causing thermal stresses, even if all gate signals are matched.
Breakdown voltage, like the on-resistance, has a positive temperature coefficient. The
device with the highest temperature will have the highest breakdown voltage.
Breakdown voltage is not considered a critical parameter as long as the appropriate safe

margins are used in device rated voltage selection.

However, to investigate the parallel operation of thermally coupled devices, the model
previously presented is extended to two parallel connected devices. The equivalent
circuit for the devices, showing the interaction between the model and equivalent
thermal circuit, is shown in Figure 5.11. The model is developed to investigate the
effects of circuit layout on dynamic and steady-state current sharing, which is mainly

affected by differences in common source and drain inductances.

N Ru
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Cs 192 Vs2 Ve Thermally Coupled Device and Heat
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Cos f S J\ /LITJI J\\ \/_, Ti2
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igi+iD: ige+HD:
g } i Rason1.2 V2
Rst Hsz% T
j Ti

Independant Ras(on) and
Vi Lookup Tables

Figure 5.11: Equivalent circuit and thermal coupling model for two parallel connected MOSFETS

The two parallel connected devices are represented by the following differential

equations:
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Vgsl =Vg _iglel_ LSlM_(igl+iDl)Rsl (510)

dt
. d (i, +i o
Vgsz :Vg _Inggz—Lsz(gzd—tDz)—(lgz+ID2)R51 (511)
i dV, dv,,
Igl = Cissl di T Mrss1 d: : (512)
dv
i = C gs2 _ dVdsZ (513)

g2 — issZT rss2 dt

. . . di d(i, +iy o
Vi =V = (i T, )R =i Ry — Ly d‘;l—le (gdt )_(Igl+|Dl)Rsl (5.14)

o . di d(ig, +i .
VdSZ =VdC_(ID1+ID2)RL_IDZRdZ_LdZ d[EZ _ LSZ ( gzdt DZ)_(IQZ +ID2)R52 (5.15)
. . dv dv
ig, =iy, +Cpyy —22 —C oL 5.16
D1 d1i 0ss1 dt rssl dt ( )
. . dv dv
iy, =iy, +C,,—%2-C ,—%% 5.17
D2 d2 0s52 dt rss2 dt ( )

The parallel connected devices are thermally coupled on a common heat sink
represented by the following differential equations:

le =T, + @l + @ph, + @l + ¢4(rpad + Fie) (5.18)
T =To + Puly + Pooly + Paglos + Py (Nag + T (5.19)
dT.
=P, —C,—2 5.20
P11 = Flosst — b dt ( )
dT.
=P, —C,—2% 5.21
2% loss2 — 21 g ( )
d
P, = P11 —Cpp a (le —@puhy) (5.22)
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d
- (sz — Pl) (5.23)

Py = Py —Cypp dt
d
D3 =P, —Cpg a (le — Pl — Ppl,) (5.24)
d
P = Py —Cy3 a (sz — Pyl — Prl,) (5.25)
Py =Pzt Qo (5.26)

The two devices are used to switch a resistive load at 5 kHz, 150V, and 150A, with each
device to carry half the total load current. Two different simulation cases allow the
study of current sharing, where drain and common source inductance mismatch are
considered. The first, in which devices 1 and 2 have equal drain inductances (10 nH)
and common source inductances of 10 nH and 20 nH respectively. The second case is
for the two devices having equal common source inductance (10 nH) and drain
inductances of 10 nH and 100 nH respectively.

a. Case 1:

During the first cycle of operation, the increased common source inductance of device 2
leads to delayed turn-on. Hence device 1 turn-on first and carries a higher transient
current. Device 2 then turn-on and starts sharing the load current as shown in Figure
5.12a. By the end of the first load cycle, both devices conduct equal current since both

junction temperatures are almost equal.

The turn-on power loss of device 1 is higher due to the increased turn-on transient
current, as shown in Figure 5.12b. The turn-off loss of device 2 is higher, due to the
extended turn-off time caused by the increased common source inductance, as shown in
Figure 5.12c. Junction temperatures for both devices during the first few cycles are
shown in Figure 5.12d. Device 1 exhibits a higher initial junction temperature, due to
the increased turn-on losses which increases its on-resistance, hence decreasing its
current. More current then starts to flow through the other device. Device 2 exhibits a
higher turn-off loss than device 1, which is much greater than the increased turn-on loss
of device 1, and contributes to further increase in its junction temperature. This situation

continues until an equilibrium state is reached. At steady state, device 1 attains a lower
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junction temperature as shown in Figure 5.12e, although it carries more transient turn-
on current. The threshold voltage of device 2 becomes lower than device 1, hence it
turns-on slightly faster. At steady state, the transient current in device 1 decreases
compared to that at startup. Further increase in device 2 common source inductance
increases the turn-on loss of device 1. It will also dramatically increase the turn-off loss
of device 2, to an extent that increases its overall junction temperature more than device

1. Device 2 threshold voltage decreases, turning on device 1 first, which reduces device
1 turn-on loss.
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Figure 5.12: (a) First cycle device and load currents, (b) turn-on loss, (c) turn-off loss, (d) junction
temperature during the first few cycles, and (e) at steady state operation, for a common source and drain
inductances of 20 and 10 nH respectively.

b. Case 2:

With both devices having equal common source inductance (10 nH), and a drain
inductance of 10 nH and 100 nH, for devices 1 and 2 respectively, an increase in device

1 turn-on current is also observed as shown in Figure 5.13a. Device 2 exhibits higher
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turn-off loss as shown in Figure 5.13b, but less than device 1 turn-on loss. The
increased turn-on loss of device 1 increases its junction temperature, hence increases its
on-resistance. This causes increased steady-state conduction loss. Device 1 junction
temperature then starts to rise as shown in Figure 5.13c. At steady state, device 1 attains

a higher junction temperature as shown in Figure 5.13e, which is the opposite to the

case where device 2 has higher common source inductance.
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Figure 5.13: (a) First cycle device and load currents, (b) turn-on loss, (c) turn-off loss, (d) junction
temperature during the first few cycles, and (e) at steady state operation, for common source and drain
inductance of 10 and 100 nH respectively
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5.4.2 Modelling n-parallel connected devices

The model can be extended to n-devices in parallel as follows:

. di, +ig, o
Vgsn :Vg _IgnRgn - Lsn M_(k;n + |Dn)Rsn
dt
i =C %_ dVdsn
gn issn dt rssn dt
i . diy, . d(ig+isn) .
Vdsn =Vdc _Zl:IDiRL _IDann - Ldn dli ~ bsn ( gdt ° )_(Ig
dv
iDn = idn + Cossn dVdsn _Crssn gsn
dt dt

n +iDn)Rsn

(5.27)

(5.28)

(5.29)

(5.30)

Adding more devices in parallel is suitable for reducing the total conduction loss. While

accounting for the increased circuit time constant due to the added junction capacitances

of paralleled devices, switching delays are extended. For the ideal case where all

devices are matched, and devices are arranged in a symmetrical layout for obtaining

equal drain and common source inductances, using the same gate circuit configuration

provided it can supply the required current. Increase in the terminal drain-source voltage

turn-on and turn-off switching times is shown in Figures 5.14a and 5.14b respectively,

for 2, 4, 8, and 16 devices in parallel. The same is observed for the load current as

shown in Figures 5.14c and 5.14d, which contributes to the increase in the total

switching loss as shown in Figures 5.14e and 5.14f. However, this can be solved by

reducing the gate drive circuit output resistance.
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Figure 5.14: The effect of increase in number of paralleled devices on the switching waveforms, and the
total power losses: (a), (b) Terminal drain-source voltage during turn-on and turn-off, (c) and (d) load
current during turn-on and turn-off, (e) and (f) total turn-on and turn-off power loss

Paralleling may be used for reducing the conduction power loss at the same current
rating in a specific application. In this case the current sharing imbalance due to any
circuit parameter mismatch is below the current rating of the individual device. Hence,
transient imbalance does not cause any thermal or electrical stresses on the device.
However, in case of paralleling for higher current handling, the mismatched device may
be subjected to severe electrical and thermal stresses. Considering the case of 16 parallel
connected devices, where one device has a drain inductance of 10 nH and the other
devices have 20 nH drain inductances. The mismatched device will turn-on faster than

the other devices, and will carry a much higher transient current, as shown in Figure
5.15.
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Figure 5.15: Conduction current for 16 parallel connected devices, with one device having a drain
inductance of 10 nH, and the other 15 devices having a drain inductance of 20 nH
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5.5 Synchronous rectifier module design (1000 A, 12 V)

A survey was carried out in order to select an appropriate device for the required
synchronous rectifier ratings. The device IRF1324S-7PPbF is chosen, with a maximum
rated current and voltage of 429 A and 24 V respectively, as shown in Appendix B.
However, the device package limitation current is 160 A. 10 devices are connected in
parallel per rectifier branch. Using the typical on-resistance stated in the datasheet (1

mQ), the total rectifier power dissipation is:
P=10x 1R, =10x(100)° x1x10° =100 W

The selected device is only available in an SMD package. Bus bars must be used due to
the high total current, which cannot be conducted by printed circuit board tracks. To
avoid damaging the devices due to overheating in case of soldering directly on the bus
bars, the devices are soldered first on a thin copper sheet. The sheet is then assembled
onto bus bars using multiple screws, to assure good connectivity between the bus bars
and the copper sheet. For connecting the devices in centre tapped rectifier configuration,
the drain of all devices are connected on a common bus bar which provides the output
terminal, while the source terminal for each of the two rectifier branches is connected to
two different bus bars, then connected to the transformer secondary terminals. The
common drain bus bar, to which the back plate of the devices is connected, is to be
connected to a heat sink to dissipate the produced heat energy. A graphite based thermal
compound (Ry, = 0.01 °C/W) is used, to assure good thermal and electrical conductivity
between the copper sheet and the cooled bus bar (see Appendix for photographs of the

arrangement).

Considering Figure 5.16 for selecting the appropriate heat sink, the required thermal

resistance can be calculated as follows:

T.-T,
Por+ P, = J
R,+R,+R,+R + (chl I chz)
T.-T,
SR, = PJ —(R, +R, + R+ (R, [ R;,))

D(total)
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where Py, and Pp, are the average power dissipation Por  Pry
in the positive and negative rectifier half cycles, Tj;
and T, are the junction temperatures, R;; and R;., are
the respective junction to case thermal resistances, R,
is the heat sink thermal resistance, R, is the bus bar

thermal resistance, R, is the graphite compound

thermal resistance, and R, is the copper sheet thermal T

Figure 5.16: Equivalent thermal

resistance. resistances of the arrangement

For an operating junction temperature of T, <150°C, the required thermal resistance is:

n 150-25

WS ~(0.04+0.01+055+0.025)

R, <0.625°C/W

sa —

A heat sink with a thermal resistance of 0.175°C/W is selected, which results in a

junction temperature of:

T =P

J D

(o) ><(RSa +R,+R, +R, +(Ry | RJ.CZ))JrTa

=105°C

which is lower than the 175°C maximum junction temperature specified in the
datasheet. The Matlab Simulink model developed previously is used to verify the
operating average junction temperature. The drain-source resistance steady state value is
1.175 mQ, as shown in Figure 5.17a. Each device per rectifier branch generates a
switching power loss of 2.46 W, and a conduction power loss of 11.75 W per half cycle,
as shown in Figure 5.17b. The steady-state junction temperature settles at 138.75 °C as
shown in Figure 5.17c. Simulation results give more precise temperature values, due to
the fact that the increase in device resistance due to the increase in junction temperature
is considered. This contributes to the actual increased junction temperature than that

obtained when considering a constant on-resistance value.

137



=
)
M
-
S
3

T

Switching power loss = 2.46 W \

=
=
T

I
&
T

-

Power loss (W)

300 /
200 : ‘ E
Conduction Power loss = 11.75 W

100 - I
0 - T T T T T

T T
1.4 1.45 15 1.55 1.6 1.65 1.7 175 1.8
Time (s) 4

(@) (b)

Rds(on) =1.175 mQ

i i i i i
[} 0.025 0.05 0.075 0.1 0.125 0.15
Time (s)

=2
»

Drain source resistance (Ohms)

=
EN

—

1T

=)
T

o

o 125F i : > 4

E Case temperature = 135.2 °C

gloo |

g, . :

g 75- Sink temperature =-49.9:°C

| 1 —~

25 —_— g ceeeg o i sp R jos n o
0 0.025 0.05 0.075 0.1 0.125 0.15

Time (s)
(c)

Figure 5.17: Electrothermal simulation results for the designed synchronous rectifier, (a) on-resistance,
(b) power loss in each device, and (c) junction, case, and sink temperatures

5.6 Summary and discussion

The main principle of synchronous rectification has been discussed within this chapter.
The MOSFET device is used as the switching element instead of conventional diode
rectification. The device is switched on in synchronism with the supply. Two control
toplogies were presented (self-driven and control-driven topologies), to successfully
provide synchronisation and avoid body diode conduction. Parallel connected devices
are used for the realisation of high power synchronous rectification. Inspite of the ease
of paralleling due to the resistive nature of MOSFETS, balanced current sharing must be
guaranteed to avoid individual device thermal stressing. An Electrothermal model was
developed to study the effects of current imbalance, due to drain and common source
inductance mismatch, in which device parameter mismatches are generated. Finally, a
high current synchronous rectifier was designed (1000 A, and 12 V), and an

electrothermal model was used to obtain and verify steady state operation aspects.
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Chapter 6

System Modelling and Experimental Validation

Each part of the designed DC/DC converter presented in the previous chapters has been
carefully chosen to provide the highest overall efficiency. A ZVS phase shift PWM
inverter operating at 14 kHz, with paralleled MOSFET devices significantly reduces
both conduction and switching losses. The low loss nanocrystalline cored transformer
designed and utilised, results in a highly efficient magnetic design. Synchronous
rectification is used rather than conventional diode rectification to significantly reduce
the voltage drop across the rectifying devices, which severely affects the overall

efficiency with low output voltage requirements.

This chapter presents the experimental results for the high-current low-voltage DC
power supply, delivering a load current of 1 kA at an average output voltage of

approximately 8 V. The block diagram in Figure 6.1 highlights the basic system

components.
=S = Load current Measurment
= —
5o MPLABICD2 et
debbugger
DSPIC microcontroller
development board
600V ~I11V
14 kHz 14 kHz 1000 A
+ — —
600 V = 0. 3“ ini :’_—z]— ===l I'E]
Load
ZVS PS PWM High frequency Svnchronous

Inverter Step-down transformer rectifier

Figure 6.1: Block diagram showing the main system components

6.1 Load bank design

A high-current load bank is built for studying DC/DC converter operation and analysis.
The bank consists of eleven 1 kW coil resistors, connected in parallel, giving a total
power handling capability of approximately 11 kW. Each individual resistance value is
0.12 Q, with a rated current of 91 A, as shown in the device datasheet in Appendix F.

Resistance is adjusted using the movable contact terminals to achieve the load value
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which gives a total load current of 1000 A at approximately 8 V, to simulate a similar
case to the actual application requirements. Each resistor also possesses finite
inductance, with the measured values presented in Table 6.1. The DC/DC converter is

operated at continuous conduction mode through all duty cycle values due to the fact

that the load time constant (L/R = 0.375ms) is much larger than the switching period (
1 f, =7143us).

Table 6.1: Load bank measured resistance and inductance values

1 Resistor Total Load Bank
Measured resistance 85 mQ 7.7 mQ
Measured inductance 32 pH 2.9 pH

6.2 Open loop system operation

The system is first analysed in open loop operation. Matlab® Simulink simulations are
also presented based on the system parameters obtained in the previous chapters, for
comparison and validation of the design procedures. A schematic diagram for the open
loop system is shown in Figure 6.2. Inverter and synchronous rectifier gate signals are
generated from a DSP control board (DSPIC30F2020) with 6 output PWM channels,
with pairs configured in complementary mode. Left leg and right leg delays are properly
adjusted to achieve inverter ZVS operation. The gate signals for each rectifier side are
synchronised with the leading inverter output voltage edges, for the positive and

negative half cycles respectively.
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+ - + ~  devicesin _
o Ves2 — Vess — parallel — Vpss +

Figure 6.2: Open loop system schematic diagram
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The DC/DC converter is utilised as a high current source for an inductive load; hence no
output filter inductance is required. The addition of a load side smoothing capacitor
would require a high peak capacitor current rating (1000 A), which can only be obtained
by paralleling metallised polypropylene capacitors. These would significantly increase
the converter volume. Consequently, no filter capacitors are used in order to minimise

the overall converter footprint.

6.2.1 Simulation results

Simulations presented in the previous chapters are mainly focused on the independent
design, analysis and operation of each system part. However, the ZVS inverter
operation presented in Chapter 2 showed the operation for a resistive load through a
load-end LC filter. Simulation results for an inductive RL load, where the DC/DC
converter is utilised as a high current source, are presented in this section. Converter
operation can be considered to be similar to the previous case, except that no output
voltage smoothing is needed. Equal full-bridge ZVS left-leg and right-leg transition

delays are adopted for simplifying the analysis.

Circuit simulations are carried out at 75% and 100% primary voltage duty cycle using
Matlab Simulink. The full-bridge ZVS design procedures are presented earlier in
Chapter 2, and will be verified experimentally in the next section. Input voltage and
current to the converter are shown in Figures 6.3a and 6.3b, transformer primary voltage
and current are shown in Figures 6.3c and 6.3d, and transformer secondary voltages and
currents are shown in Figures 6.3e, 6.3f, 6.3g, and 6.3h, for both cases respectively. The
leakage inductance is considered as an added series inductance, which may be placed as
one inductance in series with the primary winding, or as two inductances each placed in
series with each secondary winding. Two 64 nH inductances are added in series with the
secondary windings (equal to that obtained experimentally in the next section), while no
primary leakage is considered in the simulation model. The synchronous rectifier bus
bar circuit inductance is also considered in the simulation. A series inductance with the
value of a 20 nH, as part of the total 64 nH winding leakage. The total leakage
inductance referred to the primary side is 93.6 pH, which is the same as obtained in
Chapter 4. The effective secondary voltage duty cycle in this case is, therefore
approximately 81%. A significantly large total leakage inductance is obtained due to the

fact that each secondary winding leakage inductance, added to the secondary circuit bus
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bar inductance, is multiplied by the squared of the turns ratio. The presence of a small
inductance of 64 nH in series with each secondary winding has a significant effect at
high currents. The effect of a high leakage inductance can be observed by the presence
of a finite current slope during current rise and decay on each secondary winding, which

Is reflected to the primary winding current during primary current reversal.

700 700 q
600 - 20
~ 500 i =
2 15 & =
] IO, NP SSSNES NGRS SR, N SRR | = pus
§,4oo : g
5 300 e i e e 110 § g
> 178 S
s
T T R | A
0 L i i i 1 L i i ilg 0 ! i i i 1 L i i
3.85 386 3.87 388 389 39 391 392 393 486 4.87 488 489 49 491 492 493
Time (s) x10° Time (s) x10°
(@) (b)
600+ o P40
400_ el stos st el tossont rssssmse rsamste Resnssesscel
o - i~720
Z $ ; 200 veo b s iis samaBbns nnmsnon s amsnoss ssdsoolEhsms el sams pous st scs spmadih I, 4 3
§ i 5o A
K E S 200 1’ S
P &) E [ 3 i : 1 &)
Pl : S N ] T
a00b-] i : ]
-600 : . b a0
3.86 3.88 3:9 3.92 486 4.87 488 489 49 491 492 493
Time (s) x10” Time (s) x10°
(© (d)
: 1.2 ;
1
0.8
0.6 _ _
2 loa < & <
% 7102 = v =
' - . -
E SO I :
= -0.2 & 5 E
ICRIEL 1S EETHAE N N - N— 04 & 2 a
B -0.6
-0.8
-1
-1.2 5 : :
-20 1 i i L i E i i
486 4.87 488 4389 49 491 492 493
Time (s) x10° Time (s) x10°
() )
1.2
11
Jos
= Jos _
= < S 404 <
b = 5 {02 =
% B % 0 =
= E = {-0.2 &
B - 3 > 3-04 75
N ; 1-0.6
=-0.8
4-1
: : 1-1.2
=20 L i i I =20 1 i i L i E i i
3.86 3.88 3.9 3.92 486 4.87 4.88 4389 49 491 492 493
Time (s) x10° Time (s) x10°
(9) (h)

Figure 6.3: Simulation results for DC/DC converter operation showing the supply voltage and current in
(@) and (b), transformer primary voltage and current in (c) and (d), secondary winding s1 voltage and
current in (e) and (f), and secondary winding s2 voltage and current in (g) and (h), for 75% and 100%

primary voltage duty cycles respectively.
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The synchronous rectifier gate signals are synchronised with the positive and negative
leading edge of the primary voltage waveform, for the positive and negative half cycle
rectifier sides respectively. The secondary winding voltage is delayed by a time interval
equal to the time required for the primary current to reverse direction, during which the
secondary current circulates through both rectifier sides; hence forcing the device
internal body diode to conduct, thereby providing ZVS operation for both rectifier side
switches. Synchronous rectifier gate signals and drain-source voltages, for 75% and
100% primary duty cycle, and for both the positive and negative half cycles, are shown

in Figures 6.4a, 6.4b, 6.4c, and 6.4d respectively.
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Figure 6.4: DC/DC converter operation showing the positive half cycle synchronous rectifier gate signal
and drain source voltage in (a) and (b), and the negative half cycle synchronous rectifier gate signal and
drain source voltage in (c) and (d), at 75% and 100% primary voltage duty cycle respectively

The DC/DC converter output voltage is equivalent to a train of voltage pulses, at a
period much smaller than the output RL load time constant, hence resulting in a
continuous output current with a ripple current of approximately 20 A at full primary
duty cycle. Load voltage and current at 75% and 100% primary voltage duty cycle are
shown in Figures 6.5a, 6.5b, 6.5¢ and 6.5d respectively.
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Figure 6.5: DC/DC converter operation showing load voltage at 75% and 100%primary voltage duty

cycle in (a) and (b), and load current at 75% and 100% primary voltage duty cycle in (c) and (d)

Power loss calculations based on the analysis presented in Chapter 2, considering
inverter and synchronous rectifier steady state junction temperatures, are performed

using a Matlab m-file given in Appendix F1. The expected loss distribution through

each system part, and the expected overall converter efficiency, are shown in Table 6.2.

Table 6.2: Loss distribution and Efficiency obtained by calculations and Matlab simulations

Calculations Matlab simulation
Inverter power loss 186.8 W @ 186.2 W
Transformer power loss 741W® 14 W
Synchronous rectifier power loss 257 W @ 257 W
Load power 10.23 kw © 9.93 kW
Efficiency 95.2% 95.6%

@ power loss is calculated based on the expected device junction temperature
®) FEA transformer power loss obtained in Chapter 4
© Load power based on the effective average output voltage

A minimum primary current of 1.7 A is required for obtaining zero voltage switching,
based on the analysis presented in Chapter 2. Consequently, the converter operates
under ZVS condition in the range, approximately, 10% to 100% load. The significantly
wide ZVS range versus load is mainly due to the high transformer leakage inductance.
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6.2.2 Experimental validation

Experimental validation for the DC/DC converter, in open loop control, is performed in
two steps; first with 5 load resistors connected (approximately half load operation), and
the second with 11 load bank resistors (full load operation). At each step, the converter
operation is presented at 75% and 100% primary voltage duty cycle. The supply voltage
is manually increased from 0V to 600V in each case, as a safety consideration. All
waveforms to be presented are steady state waveforms, for which the converter input
voltage is 600V, the switching devices, and various circuit components are at constant
and steady state temperatures. The inverter output voltage and gate signals, showing the
ZVS left-leg and right-leg transition delays, in which the device body diode is forced to
conduct, at 75% and 100% phase-shift, are shown in Figures 6.6a and 6.6b respectively.
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Figure 6.6: Gate signal synchronisation for ZVS inverter operation and synchronous rectifier at (a)
50% and (b) 100% primary duty cycles
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The gate-source and drain-source voltage waveforms are observed for each MOSFET,
to verify zero voltage switching operation. The drain-source voltage for each switch
falls to the (I,Rasen)) Value before the corresponding gate signal is applied. The gate
signal is then applied after assuring that the body diode is in complete conduction; that
Is after the introduced left-leg or right-leg delays as explained in Chapter 2. Turn-on and
turn-off waveforms for S1, S2, S3, and S4 are shown in Figures 6.7a, 6.7b, 6.7c, and

6.7d respectively.
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(i) Vgs1: 10 V/div, Vgsi: 200 V/div, t: 1 ps/div (i) Vgs1: 10 V/div, Vg i 200 V/div, t: 1 ps/div
(a) S1 turn on and turn off waveforms in (i) and (ii) respectively

f : v o = ¢ ¢ 3 : . > 1
(i) Vgeo: 10 V/div, Vi 200 V/div, t: 1 ps/div (if) Vgs: 10 V/div, Vge: 200 V/div, t: 1 ps/div
(b) S2 turn-on and turn-off waveforms in (i) and (ii) respectively

(i) Vgsa: 10 V/div, Vg2 200 V/div, t: 1 ps/div (if) Vgs3: 10 V/div, Vgt 200 V/div, t: 1 ps/div
(c) S3 turn-on and turn-off waveforms in (i) and (ii) respectively

E - : : E : : : . - : : : : : : : . . 1
(i) Vgsa: 10 V/div, Vgsq: 200 V/div, t: 1 ps/div (if) Vgsa: 10 V/div, Vges: 200 V/div, t: 1 ps/div
(d) S4 turn-on and turn-off waveforms in (i) and (ii) respectively

Figure 6.7: Turn on and turn off waveforms for inverter switches (a) S1, (b) S2, (c) S3, and (d) S4,
showing the gate signal and the voltage across each MOSFET (V) respectively, at the lowest
operating load for achieving ZVS operation
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I. Half load operation (5 resistors connected in parallel)

The circuit is first tested at approximately half load, with 5 resistors connected in the
load bank. The average load voltage and current at 100% primary duty cycle are
approximately 9.63 V and 551 A, and approximately 6.96 V and 398 A at 75 % primary
duty cycle respectively. Supply voltage and current, transformer primary voltage and
current, secondary winding S1 voltage, secondary winding S2 voltage, the positive half
cycle synchronous rectifier gate-source voltage and drain-source voltage, the negative
half cycle synchronous rectifier gate-source voltage and drain source voltage, load
voltage, and load current waveforms are shown in Figures 6.8 and 6.9 for 75% and

100% primary voltage duty cycles, respectively.
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e 75% primary duty cycle

(@) Vs: 200 V/div, Ig: 5 A/div, t: 10 ps/div
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Figure 6.8: One cycle of operation, at 75% primary duty cycle, showing: (a) supply voltage V; and
current I, (b) transformer primary voltage V, and current I, (c) secondary voltage Vg, (d) secondary
voltage Vs, (€) synchronous rectifier positive half cycle gate source voltage Vg and drain source
voltage Vs, (f) synchronous rectifier negative half cycle gate source voltage Vg and drain source
voltage Vs, (9) load voltage V| qqq and (h) load current 1 aq
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e 100% primary duty cycle
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Figure 6.9: One cycle of operation, at 100% primary duty cycle, showing: (a) supply voltage V and
current I, (b) transformer primary voltage V, and current |, (c) secondary voltage Vg, (d) secondary
voltage Vs, (€) synchronous rectifier positive half cycle gate source voltage Vs and drain source
voltage Vs, (f) synchronous rectifier negative half cycle gate source voltage Vg and drain source
voltage Vs, (9) load voltage V| qqq and (h) load current 1 aq
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ii. Full load operation (11 resistors connected in parallel)

DC/DC converter operation is next tested at full load, with 11 resistors connected in the
load bank, to compensate for the reduced average output voltage caused by the
increased duty cycle loss at full loading conditions. The average load voltage and
current at 100% primary duty cycle are approximately 8.33 V and 1036 A, and 5.86 V
and 729 A at 75 % primary duty cycle respectively. Supply voltage and current,
transformer primary voltage and current, secondary winding S1 voltage, secondary
winding S2 voltage, the positive half cycle synchronous rectifier gate-source voltage
and drain-source voltage, the negative half cycle synchronous rectifier gate-source
voltage and drain source voltage, load voltage, and load current waveforms are shown

in Figures 6.10 and 6.11 for 75% and 100% primary voltage duty cycles respectively.

The total leakage inductance referred to the primary side can be calculated from the
transformer primary current. By substituting into V = Ldi/dt = L Ai/At, with Aiequal

to the difference in current values during the current rise or fall interval At, a leakage
inductance of approximately 134.2 uH is obtained, compared to a value of 93.6 pH
obtained by FEA simulations. The obtained leakage inductance, referred to the primary
side, is the sum of the transformer leakage inductance, the termination bus bar
inductance, and the synchronous rectifier bus bar stray inductance (which was not

incorporated during simulations).

The total leakage inductance, referred to the primary side, is approximately half the
inductance of each secondary winding. This is only the case when the load current is
circulating through both rectifier sides, during commutation. The resultant inductance is

halved as the two windings are effectively paralleled during commutation.
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e 75% primary duty cycle
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Figure 6.10: One cycle of operation, at 75% primary duty cycle, showing: (a) supply voltage V and
current I, (b) transformer primary voltage V, and current |, (c) secondary voltage Vg, (d) secondary
voltage Vs, (€) synchronous rectifier positive half cycle gate source voltage Vs and drain source
voltage Vs, (f) synchronous rectifier negative half cycle gate source voltage Vg and drain source
voltage Vs, (9) load voltage V qqq and (h) load current I aq
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e 100% primary duty cycle
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Figure 6.11: One cycle of operation, at 100% primary duty cycle, showing: (a) supply voltage Vs and
current I, (b) transformer primary voltage V, and current |, (c) secondary voltage Vg, (d) secondary
voltage Vs, (€) synchronous rectifier positive half cycle gate source voltage Vg and drain source
voltage Vs, (f) synchronous rectifier negative half cycle gate source voltage Vg and drain source

voltage Vs, (0) load voltage V| o5g and (h) load current I 559



It is observed that the converter output voltage is asymmetrical during the duty cycle
loss intervals. This is caused by the difference in the transformer secondary windings
leakage inductance. Matlab Simulink circuit simulations for two cases verifying the
effect of different secondary winding leakage inductances are shown in Figure 6.12 and
6.13 respectively. The first case represents the ideal case with equal secondary windings
leakage inductance, while the second case is the actual case where the first secondary
winding possesses 15 nH more leakage inductance, and the other secondary winding has
a 15 nH less leakage inductance. Hence, the total leakage inductance referred to the

primary side, still adds to 93.6 uH, as with the first case.
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Figure 6.12: The ideal case where the secondary windings leakage inductance is equal: (a) secondary
windings voltage Vs; and current, (b) secondary winding voltage Vs, and current, (c) voltage across the
first secondary winding leakage inductance, (d) voltage across the second secondary winding leakage
inductance, (e) total secondary winding voltage Vs, and (f) total secondary winding voltage Vs,
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Ideally, the secondary winding voltage is equal to the primary voltage multiplied by the
turns ratio. Adding the effect of the secondary winding leakage inductance, the total
secondary winding voltage is the sum of both the secondary winding voltage, and the
voltage across the added equivalent series inductance. The voltage across the leakage
inductance is a squared voltage pulse opposing the primary voltage during the linearly
increasing and decreasing winding currents, causing an approximately zero output
voltage during current rise and fall. However, the voltage across each secondary
inductance is different with unequal winding inductances, as shown in Figures 6.13c
and 6.13d respectively, which explains the asymmetrical secondary winding voltages,

and consequently an asymmetrical output voltage.
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Figure 6.13: The actual case where the leakage inductance of the first secondary winding is increased by
15 nH, and the second secondary winding leakage inductance is reduced by 15 nH: (a) secondary voltage
Vs, and current, (b) secondary voltage Vs, and current, (c) voltage across the first secondary winding
leakage inductance, (d) voltage across the second secondary winding leakage inductance, (e) total
secondary winding voltage Vs;, and (f) total secondary winding voltage Vs,
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6.2.3 Converter steady-state operation, effective output voltage and efficiency

The DC/DC converter steady state output voltage, for approximately 10 cycles, is
shown in Figure 6.14a, which is equivalent to a train of voltage pulses for a time period
much less than the load time constant. The resultant steady state current is shown in
Figure 6.14b.

(a) Vioag: 5 V/div, t: 100 ps (b) lioaq: 500 A/div, t: 100 100 ps

Figure 6.14: 14 cycles at steady state operation showing (a) the output load voltage and (b) load current

The overall converter efficiency is first plotted against load current while varying the
load resistance in 11 steps (the total parallel resistors in the load bank), at full primary
duty cycle, as shown in Figure 6.15a. Maximum converter efficiency is achieved at full
primary duty cycle at any loading condition, due to the minimisation of circulating
currents during freewheeling intervals. Output voltage versus load current is shown in
Figure 6.15b, in which the effective secondary duty cycle is reduced with increased
loading. The efficiency at constant maximum load, and varying the primary duty cycle
from 10% to 100% in 10% steps, is shown in Figure 6.15c. The corresponding output
load voltage is shown in Figure 6.15d. During the first case, it is observed that a
maximum efficiency of 98.8% is achieved at approximately 242A. However, the full

load efficiency, at full primary duty cycle, is approximately 92.7%.

The reduced efficiency than that previously calculated, and obtained by simulation, is
mainly due to larger leakage inductance. The obtained leakage inductance of 134.2 uH
gives an effective secondary duty cycle of approximately 75% at full primary duty
cycle, resulting in a lower average output voltage and current. However, the actual
device junction temperatures are lower than those calculated, resulting in lower power
loss in the MOSFETSs used in both the inverter and the synchronous rectifier. A

comparison between the expected and obtained power loss distribution is shown in
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Table 6.3. The estimated transformer power loss is considered a combined transformer,
termination, and bus bar power loss, which explains the much higher estimated value
than that obtained by FEA.
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Figure 6.15: Steady state operation efficiency and average output voltage (a) Efficiency versus load

current, (b) output voltage versus load current at 100% duty cycle and increasing load, (c) Efficiency

versus load current, and (d) output voltage versus load current at constant full load while varying the
primary duty cycle from 10 to 100%

Table 6.3: Calculated and estimated (based on the experimental results) power loss distribution
Estimated based on

Calculations .
experimental Results
Inverter power loss 186.84 W @ 1402 W @
Transformer power loss 741W® 282w ©
Synchronous rectifier power loss 256.98 W @ 2523 W @
Load power 10.23 kw © 8.63 kW
Efficiency 95.2% 92.75%

@ power loss is calculated based on the expected device junction temperature
®) FEA transformer power loss obtained in Chapter 4

© |oad power based on the effective average output voltage

@ Based on the obtained experimental primary current waveform

© Estimated combined transformer, termination resistances and bus bar losses
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6.2.4 Synchronous rectifier efficiency improvement

The synchronous rectifier power loss is approximately 257 W as shown in Table 6.2.
This power loss is the sum of MOSFET conduction power loss of 45.6 W during the on
interval, and the body diode power loss of 71.4 W during the freewheeling interval, per
rectifier branch. The diode conduction loss can be reduced by introducing a gate signal
overlap between the two rectifier sides, during the freewheeling intervals, hence

minimising circulation currents through the synchronous rectifier device body diode.

However, the freewheeling interval varies with loading conditions. A large freewheeling
interval is obtained at lower primary duty cycles and low load currents, and a minimum
freewheeling interval of (1— Der ) is obtained at full load current. Knowing the total
leakage inductance, the overlap interval can be properly adjusted according to the
primary duty cycle value. A power loss of 53 W through the MOSFET, and 0.4 W
through the device body diodes is obtained per rectifier branch, by properly adjusting
the overlap intervals and adding approximately 1 ps dead times, after and before the
start and finish of the freewheeling intervals, which avoids secondary winding short
circuit. The overall expected efficiency is 96.5% in this case; that is 1.3% increase

compared to when no overlap is used.

Applying the proposed control to the experimental arrangement, a total efficiency of
93.5% at full load is obtained. That is, an increase of approximately 0.75%.
Experimental results showing the secondary winding voltages, gate source voltages,
drain source voltages, load voltage, and load current for the positive and negative
synchronous rectifier half cycles are shown in Figure 6.16, with a total converter
efficiency of 93.5%.
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(€) Viag: 5 V/div, t: 10 ps/div (f) ILoaq: 500 A/div, t: 10 ps/div

Figure 6.16: Synchronous rectifier operation with conduction overlap during the freewheeling
interval at full load primary voltage duty cycle: (a) secondary winding voltage, (b) secondary
winding voltage, (c) gate source voltage and drain source voltage for the positive half cycle
synchronous rectifier, (d) gate source voltage and drain source voltage for the negative half cycle
synchronous rectifier, (e) load voltage, and (f) load current
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6.3 Closed loop system operation

Appropriate system modelling is required to obtain the required closed loop controller
design. However, the DC/DC converter is considered a nonlinear dynamic system, due
to the presence of switching devices. Averaging small signal methods are commonly
used to linearize the converter model around a certain operating point in the continuous
time domain. Linear control techniques, such as Bode plots, root locus, etc., can then be

used to design the required closed loop controller response [6.1].

A general unified state space averaging approach for modelling the power stages of
switching converters was first introduced in [6.2]. The approach is based on replacing
the state space descriptions of the switching intervals by an equivalent averaged model
over a single switching period, resulting in a single continuous state space system
representation, which can then be approximated in a linear small signal model. A
method to model nonlinear zero current and zero voltage switching elements for PWM
and quasi resonant converters using a three terminal equivalent lumped model is
presented in [6.3]. Small signal analysis can also be applied to find the equivalent
system control-to-output transfer function for different PWM DC/DC converters, such
as the buck, boost and buck-boost converters. The time averaging equivalent circuit
approach is used for the modelling and analysis of PWM DC/DC converters in both

continuous and discontinuous conduction modes [6.4].

The small signal equivalent circuit model for the buck converter is derived in [6.5]. A
small signal model may be derived for the phase shifted PWM converter based on the
buck converter circuit topology, due to the fact that the converter is equivalent to two
interleaved buck converters [6.6]. Satisfactory results using the averaged and small
signal models are obtained and presented in many publications. The small signal and
transient analysis of a zero voltage switched phase shifted PWM converter based on the
averaged switch model is presented in [6.7]. A digital controller based on the small
signal model of a phase shifted PWM converter is implemented and presented in [6.8].

Unlike buck converters, a reduced effective duty cycle ( Der ) is transferred to the
secondary side of the converter, which is a function of the leakage inductance, input
voltage, inductor current, and the switching frequency. Hence, the derived small signal

system model depends on the leakage inductance (L, ), the switching frequency ( ),
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and the perturbations of the filter inductor current (iL), input voltage (\}in), and the
primary voltage duty cycle (c] ), contributing to the small signal model effective duty
cycle (deﬁ ). For the system being linearized around a certain effective duty cycle (D, )
and inductor current (1 ), the effective duty cycle and inductor current can then be

represented as the sum of both the large signal and small signal quantities [6.6]:

i|_ = I|_ + iL (6-1)

deff = Def‘f +&eff (62)

The small signal equivalent circuit model for the phase shifted PWM converter is shown
in Figure 6.17, as given in reference [6.6] but without the output filter capacitor. The
circuit is composed of added voltage and current sources representing the perturbations
causing the small signal duty cycle modulation (ci ), small signal duty cycle modulation
due to the change of the filter inductor current (oL ), and small signal duty cycle

modulation due to the change of input voltage (d~V ).

v,d 0V, (d+d,) .

n\}nC—%% '”d D v %(dﬁd\/)gR

Figure 6.17: The phase shifted PWM converter small signal equivalent circuit model

The duty cycle modulation due to the change in filter inductor current is given by [6.6]:

an’L, f. -

1k SI

Iyt (6.3)

in

o,
I

As shown in Chapter 2, the effective duty cycle is inversely proportional to the load
current, in which an increase in load current causes a reduction in the effective duty
cycle. This clarifies the presence of the negative sign. The duty cycle modulation due to
the change in input voltage is given by [6.6]:

S AnL, f, -
dv = _Tzlkvin (64)
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The total change in the small signal effective duty cycle is then:

der =d+di+dv (6.5)
A state space circuit representation may be obtained using the small signal equivalent

circuit model. The voltage loop equation for Figure 6.17 is:

nD,,, v +nVind+nVin(d~i+d~v):L%HLR (6.6)

eff Vin

Solving for dl:
dt

R o

and by substituting Equations (1) and (2) into (3):

di, R+R, ) (MDy +R I Ny ) - (V)5
dth(_ Ld)'ﬁ[ C - jvin_'_(Tjd (6.8)

where:

Ry =4n’L f, (6.9)
Hence, the state space representation for the first order system, where the system state

. , . . d :
vector is x(t)=[|L] the input vector is u(t)=| |, and the output vector is

v,
y(t) = [q is:

)-({_Rmd}H NV, MO RN, ]
L L

(6.10)

Assuming constant converter input voltage, and neglecting the small signal input
voltage perturbations (v,, ), the system is transformed to a single input, single output

system with a control to output transfer function given by:
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iL(5) _ nVa/(R+R,)

Gy (s) = i) SL(R+R,)+1 (6.11)

The Bode plot for the open loop system is shown in Figure 6.18, where the system

parameters used are shown in Table 6.4.

Magnitude (dB)
3

A

Phase (deg)

Ty D i = P B e T = .
10 10 10 10 10 10 10
Frequency (Hz)

Figure 6.18: Control-to-output transfer function Bode plot

Table 6.4: System parameters used for obtaining the Bode plots

System parameter Value
Turns ratio (n) 1/54
Input voltage (V;,) 600 V
Leakage inductance ( L, ) 115 pH
Switching frequency ( ) 14 kHz
Load resistance (R) 7.72 mQ
Load inductance (L) 2.9 uH

The open loop system gain and time constant are given by:

nV.
k=—-"—-=1118.3
(R+R,) (6.12)
T= _Lt . 292.8us
(R+R,) H (6.13)

The main requirement of closed loop control is to track a given output reference. A
classical PI controller is used, which is generally sufficient for first order systems, and
is considered appropriate due to the fact that no complicated control is required. A basic
block diagram for the closed loop system is shown in Figure 6.19. The controller gains
adopted can be readily tuned using the rules of Ziegler and Nicholas [6.9].
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Current Duty cycle Load
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DC/DC Converter

? Controller

Figure 6.19: Basic block diagram for the closed loop system

The system is initially tested at a reduced response, increasing the system time constant
to avoid mechanical and electrical stresses generated due to the high secondary current.
Simulations based on the small signal modelling and the experimental results for closed
loop current control, at a constant current reference of 750 A, are shown in Figures
6.20a and 6.20b respectively. The adopted PI controller gains (K and K;) are given in
Appendix F4.
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Figure 6.20: Closed loop system load current response by (a) simulation results based on the small signal
model, and (b) experimental results

A second experimental test is carried out, where the output current is first increased
using a given ramping up current reference from 0 to 750 A, increasing linearly with a
rate of 30 A per second. A step change for the current reference to 500 A is then applied
after approximately 25 seconds. Current reference signal and converter response

obtained by simulations, and obtained experimentally are given in Figure 6.21.
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Figure 6.21: Closed loop system response for the DC/DC converter showing the current reference signal
compared to (a) the output current obtained by the small signal model based simulations, and (b) the
output current obtained by experimental results
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6.4 Summary and discussion

Experimental validation for the designed 1 kA, ZVS phase-shifted PWM converter was
successfully presented through this chapter. Open loop system analysis was first
performed to show the system characteristics at different operating conditions. Power
loss analysis showing the loss distribution through the various system components
showed that relatively large power loss is obtained within the secondary circuit bus bars
and termination. However, a converter efficiency of 92.75% is initially achieved, with
the synchronous rectifier gate signals being synchronised with the inverter left-leg gate
signals. An efficiency improvement of approximately 0.75% is achieved by introducing
conduction overlap for the opposite synchronous rectifier half cycles, avoiding
MOSFET body diode conduction during the freewheeling intervals. Finally, the
converter was modelled using the averaged small signal equivalent circuit model,
obtaining an equivalent linearized model to apply a conventional PI closed loop current
control. Experimental results for the closed loop system response showed good

convergence with the small signal modelling based simulation results.
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Chapter 7

10 kA DC/DC Converter Design and Parallel Converter Operation

Parallel connected DC/DC converters must be used to satisfy the main requirement of
supplying the toroidal field coil current of 32 MA. A lab-scaled prototype DC/DC
converter, showing the possibility of achieving a high efficiency conversion system
through recent advances in magnetic and semiconductor technologies, was designed,
modelled and successfully implemented in the previous chapters. The applicability of
synchronous rectification to high current rectifiers, by using parallel connected
MOSFET, was also verified to improve the efficiency of low output voltage and high

power requirements.

This chapter presents scaled up design for the 1 kA DC/DC converter system presented,
with an output current capability of 10 kA per module. The transformer design is first
discussed, including methods for leakage inductance minimisation. Chip level MOSFET
device paralleling is proposed to reduce the large number of paralleled devices adopted
in the synchronous rectifier, and minimise possibilities for current imbalance. Finally,
the parallel operation of two DC/DC converter modules, using common current

reference control, is presented.
7.1 10 kA DC/DC converter design

A 10 kA secondary current module rating is specified based on the maximum
achievable current rating per transformer, which is directly related to the available core
window area, and the chosen conductor current density. Specifying the high-voltage
side voltage rating involves multiple basic trade-offs. Utilising a high frequency
converter design allows for the parallel connected converter modules to be located close
to the load coils, due to the reduced converter footprint, hence reducing high current bus
bar lengths. A basic schematic diagram for the proposed system configuration is shown
in Figure 7.1, in which 200 parallel connected modules are connected in parallel to
supply each 2 MA limb current, for the ST fusion reactor.
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Figure 7.1: Basic schematic diagram for the proposed toroidal field power supply

The 25 MVA, 22/x kV, transformers may be located remote from the reactor due to
their large volume. The 12 or 18 pulse diode rectifiers may then be also placed with the
transformers, considering the obtained DC link voltage resulting from the rectification
ratio in each case (for example: the DC link voltage is equal to 1.39x kV in case of a 12
pulse rectifier). The DC link voltage is then required to be transmitted through relatively
high-current bus-bars, to the final stage: low-voltage high-current, parallel connected
DC/DC conversion. A high DC link voltage level must be selected to minimise high
current transmission and associated losses. Voltage levels of 600 and 900 V are first
introduced to provide a design base for comparison of the different power loss

contributions to the various system components, based on the chosen DC link voltage.
7.1.1 Transformer design

The transformer design presented in this chapter is based on the commercially available
oval core dimensions. Only basic calculations are discussed. The full design procedures,
analysis, and full FEA simulations can be similarly performed as presented in Chapter
4. The largest oval nanocrystalline core provided by Magnetec® is shown in Appendix
G. The core window area, where A and C are core dimensions defined in Appendix G1,

is:
C 2
W, =C(A—C)+ﬂ'(5) = 28744.3mm? (7.2)

Applying a window utilisation factor of 0.3 for the primary Litz winding, and 0.4 for the
secondary foil windings, the window area should satisfy the following equation:
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w, > A 2NA (7.2)
0.3 0.4

where A; and A, are the primary and secondary winding conductor cross section areas
respectively. A single turn secondary winding is used for the high current secondary
winding. Specifying a secondary voltage of 12 V gives an initial safe margin
(approximately 25%) accounting for the rectifying switch voltage drop and secondary
voltage duty cycle loss. For the case where the primary voltage is 900 V, the turns ratio
IS:

N, I, J 75

TETRAT

where J is the specified conductor current density. By solving Equations (7.2) and

(7.3), the primary and secondary conductor cross section areas, are:

A < 46mm’

A, <3449.3mm’

Using a conductor current density of 3 A/mm2, the primary and secondary rated

currents are:

|, <138A
|, <10.35kA

Using the core net nanocrystalline cross section area of 520 mm? (core datasheet given
in Appendix G), and an operating flux density of (0.8Bs;: = 0.96 T), the minimum
operating frequency which insures operation within the linear BH region, and provides
sufficient safe margin for Bsy reduction due to material defects and temperature

variations, is:

f> Vi > 6001Hz
4B, AN,
Calculations are similarly performed for the 600 V primary voltage design. The basic
transformer specifications for both cases are shown in Table 7.1.

Table 7.1: Basic transformer design specifications

Primary/secondary voltage 900/12 V 600/12 V

Primary/secondary current 133.3/10 000 A 200/ 10 000 A
Turns ratio 75:1 50:1
Freguency 6 kHz 6 kHz
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7.1.2 Leakage inductance minimisation

Transformer leakage inductance is a critical design parameter. It should be noted that it
IS not necessary to eliminate the leakage inductance. However, it should be limited to an
acceptable specific value, which results in the maximum ZVS range, without
significantly increasing the secondary voltage duty cycle loss to a level which reduces
the average output voltage to less than the required value. It has been concluded in the
previous chapter that not only the transformer design specifies the total leakage
inductance referred to the primary side. Termination bus bars, as well as secondary

circuit layout stray inductances are also added to the total reflected leakage.

For the centre tapped transformer design previously presented, each secondary winding
is linked to half of the primary winding placed underneath it on each core limb, and is
linked to the other half of the primary winding through the core window breadth. The
part which is linked through the core window breadth contributes to a large portion of
the leakage flux. Reduced leakage is obtained by dividing each of the secondary
windings into two series parts, with each placed on one limb, to provide better primary
to secondary coupling. Interleaving the primary and secondary windings may be used to
achieve further leakage inductance reduction.

A comparison between the simple primary-secondary arrangement, the winding
arrangement where each secondary is placed on both limbs through two series windings
in a sandwich arrangement (where the primary is placed between the two secondary
winding sections), and a two layer interleaved configuration is shown in Figure 7.2.
This figure shows the winding arrangement on the core in each case and connection for
each winding section. Primary to one secondary and secondary to secondary MMF

diagrams across the windings are also shown for each case respectively.

The total leakage inductance in each case, referred to the primary side, may be
calculated following the procedures in Chapter 4. 3D geometry models used for the
transformer transient response simulation using FEA for each case, with and without the

bus bar terminations, are shown in Figure 7.3.
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Figure 7.2: Comparison between the three winding arrangement cases; (a) case 1: basic primary
secondary arrangement, (b) case 2: sandwich primary secondary arrangement, and (c) interleaved
sandwich primary secondary arrangement, showing the winding connection in (d), (e), and (f), the

primary to one secondary MMF in (g), (h), and (i), and the secondary to secondary MMF in (j), (k), and
(), for each case respectively

FEA simulations are carried out to estimate the leakage inductance in each case.
Interleaving in this case is equivalent to dividing the secondary winding inductance into
multiple secondary windings, with their inductance being paralleled and referred to the

primary side. This significantly reducing the total reflected inductance to the primary
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side. Simulation results for each case, with and without bus bar terminations, in both

cases where the primary voltage is 600 and 900 V, is shown in Table 7.2.

® (b) ©

(d) () ®
Figure 7.3: 3D transformer models used for FEA in each case: (a) simple primary secondary winding
arrangement, (b) sandwich primary secondary windings, (c) interleaved sandwich primary and

secondary windings, and the same configurations with added bus bar termination in each case in (d),
(e), and (f) respectively

Table 7.2: Transformer leakage inductance obtained by FEA simulation for the simple primary secondary
configuration, sandwich primary secondary configuration, and interleaved sandwich primary secondary
configuration, for the 600 V and 900 V designs.

Primary voltage Case 1l Case 2 Case 3
600V L (without terminals) 19.6 pH 7.6 pH 3.9 uH

Ly (with terminals) 43.4 pH 18.5 pH 8.9 uH

900 vV L (without terminals) 45.5 pH 17.8 pH 9.16 pH

Ly (with terminals) 11418 pH  4337pH 211 pH

It is observed that the 600 V transformer design always possesses a lower leakage
inductance. The reflected bus-bar terminals stray inductance is increased for the higher
voltage design, mainly due to the increased turns ratio. However, significant reduction
is achieved in both cases by interleaving. Moreover, the 900 V design shows reduced

power loss, by approximately 20 %, due to the lower primary winding current.
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7.1.3 Phase-shift PWM ZVS converter

ZVS phase-shift PWM converter operation is analysed at both operating voltages. A
leakage inductance which gives the same effective secondary duty cycle, is used both
cases, to compensate for the difference in primary current values and primary turns
ratio, and to obtain a fair comparison. Both converters operate at an 87% primary

voltage duty cycle, and delivering 10 kA at 8.5 V.

The MOSFET inverter uses the low on-resistance (0.35 ©) I'YXS HiPerFET™, 1200 V,
32A, power MOSFET devices, in which 8 parallel devices per switch are used to
achieve the required current rating (200 A). The higher voltage inverter is restricted to
IGBT devices, since suitable power MOSFET technology is currently limited to
blocking voltages of 1200 V. However, IGBT semiconductor technology is
continuously improving. A newly developed, 1700 V, 200 A, trench gate IGBT,
utilising the light punch through carrier stored chips, offers the same collector-emitter
saturation voltage (Vceear) Of equivalent IGBT 1200 V devices at the same current
rating [7.1]. Basic power loss calculations are performed for both cases and the results
are shown in Table 7.3.
Table 7.3: power loss comparison between the 600 V and 900 V inverters, utilising 1200 V MOSFETs

and 1700 V IGBT respectively
1200V, 32A, MOSFETs 1700V, 200 A, IGBTs

Total number of devices 32 4
Conduction power loss 3164 W @ 759 W @
Switching power loss - 1104 W ®
Total power loss 3164 W 1863 W

@ Conduction power loss at T; = 125 °C
® " Worst case turn-off switching power loss based on datasheet E, at T; = 125 °C
and V. = 1000 VV

Lower power loss is achieved with the IGBT inverter, which is mainly due to the lower
IGBT conduction losses. Phase shifted ZVS PWM basically eliminates turn-on power
loss and significantly reduces device turn off loss, which is negligible for the MOSFET
devices at low switching frequencies. Significant turn-off power loss is obtained with
IGBTs due to the IGBT turn-off tail current [7.2]. However, zero current switching
(ZCS) techniques are considered more suitable for IGBT, in which the device current is
forced to zero before turning off the device [7.3], [7.4]. However, an alternative
resonant inverter configuration, in which half the supply voltage is applied across the

transformer, as shown in Figure 7.4, may be used [7.5]. This configuration has the
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advantage of reducing the number of switches used. More research on this point is left

for future research.

|_..
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Figure 7.4: Alternative half-bridge configuration with half the line voltage across the transformer

The on-resistance of high voltage MOSFETSs may be effectively reduced by using liquid
nitrogen cooling, as concluded in Chapter 3. However, the 1200 V, 32 A, 0.35Q,
MOSFET showed significant on-resistance increase on testing the device at relatively
low currents (1 to 11A), at 77k. The on-resistance increased with the increase in current
due to channel self-heating effects, causing an increase in junction temperature.
Identically to this condition, a reduction factor of approximately 7 is achieved at
approximately 166K. This device possesses the lowest on-resistance compared to other
devices in the 1200 V range. This can be achieved by lightly doping the drift region,
and adding more p stripes, as shown in Chapter 3, which significantly reduces the drift
region resistance and gives higher voltage blocking capabilities. Hence, the lightly
doped drift region causes carrier freezout at 77K for this device. Additional research on

this point is also left for future research.
7.1.4 Synchronous rectification and chip level MOSFET paralleling

Paralleling a large number of power MOSFETS is required to satisfy the synchronous
rectifier current rating of 10 kA. The latest high current MOSFET (Infineon, 0.95 mQ,
30V), in which the maximum operating current is package limited to 180 A, is chosen.
The centre tapped synchronous rectifier would require approximately 100 parallel
connected devices per rectifier branch for each device to carry 100 A during each

rectification half cycle, and obtain an effective voltage drop of approximately 0.1 V.
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Paralleling such large number of devices introduces possible circuit layout and current
path length differences, which may lead to current sharing imbalance between devices.
Acceptable transient and steady state current imbalance levels are achieved, even with
high device parameter and circuit layout mismatches, as discussed earlier in Chapter 5
[7.6]. However, the different generated thermal stresses may lead to one device failure
among the paralleled devices, leading to converter disconnection, and reducing system

reliability.

This section realises a MOSFET module with multiple parallel interconnected dies
within the same package. Chip level paralleling is already used in high voltage IGBT
modules to achieve high power levels as discussed in [7.7] and [7.8]. Device parameter
screening and symmetric device layout would then be carried out by the manufacturer,
hence reducing and simplifying the overall converter design and implementation times.
A 3D view for the MOSFET package (IPB180N03S4L, 0.95 mQ, 30 V, 180 A),

showing device terminals and internal device die, is shown in Figure 7.5.

MOSFET device die
(4.5%5.5 mm)

Gate terminal

N i -~

NS

Drain terminal

Source terminals (base plate)

Figure 7.5: IPB180N03S4L 30 V MOSFET device package and internal die

An IGBT module with multiple internally interconnected dies is shown in Appendix G,
along with the device datasheet. Based on the same IGBT module base plate dimensions
and available internal space for die placement, a similar MOSFET module is proposed
and shown in Figure 7.6, in which 48 internal chip dies are connected in parallel. Unlike
the original MOSFET device package, the base plate cannot be used as the drain
terminal due to manufacturing difficulties. Dies must be first soldered on a thin
conducting plate, insulated from the base plate. Source and drain terminals are then
connected to copper plates interconnected to the final bus-bar module terminals.
Symmetric interconnections within the module must be assured for equal current path
inductance and resistance, and consequently equal current sharing between the
paralleled dies within the package. MOSFET on-resistance positive temperature

coefficient helps ensure current sharing, especially since devices are thermally coupled.
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Drain terminal

Total of 48 MOSFET
device dies

Source terminal

Gate terminal

/ &
/ Drain copper </
Base plate sheet / S
s
Internal source

interconnection
copper sheet

Insulation sheet

Figure 7.6: The proposed high current MOSFET device package with 48 parallel connected dies

According to the maximum power dissipation of a single die package of 250 W, the

total maximum power dissipation for the 48 paralleled die module is 12 kW, provided

that the case temperature is maintained at 25°C . The base plate spreads the heat power
giving a maximum power dissipation of approximately 71 W/cm?, which significantly
less than the theoretical forced air cooling limit of 150 W/cm?, and can be handled by

conventional cooling methods [7.9] ,[7.10].

Power loss is similarly calculated as previously presented, with overlapping gate signals
to circulate the load current through the MOSFET device rather than the body diode
during the freewheeling intervals. The 10 kA synchronous rectifier, utilising 2 modules
per rectifier branch, has a total power loss of approximately 850 W.

7.1.5 Overall converter operation and losses

A comparison between the 10 kA converter module total power loss distribution and
expected efficiency, for the 600 V and 900 V designs, is shown in Table 7.4.

Table 7.4: Power loss distribution and expected efficiency for the 10 kA DC/DC converter
600 V design 900 V design

Inverter power loss 3164 W 1863 W
Transformer power loss 565 W 469 W
Synchronous rectifier power loss 850 W 850 W
Power output 85 kW 85 kW

DC/DC converter efficiency 94.8 % 96.4%

180



7.2 Parallel converter operation

The modular power system approach, in which individual lower power converter
modules are connected in parallel to achieve the required total power rating, is widely
used in distributed power systems, and offers several advantages over a single high
power system [7.11]. Higher system reliability is achieved by introducing a certain level
of redundancy, in the case of individual converter failure and disconnection [7.12],
[7.13]. Moreover, the standardisation of components leads to a significant reduction in
design and manufacturing time and cost. Equal voltage and/or current sharing must be
achieved to avoid higher transient and steady state electrical and thermal stresses on
individual converters. The basic configurations for paralleled output connected
converters are the input series and input parallel configurations [7.14]. The input series
connection offers the advantage of using lower voltage devices on the high voltage side
and having lower conversion ratios for individual converters. However, due to the large
number of required converters for this specific application, the input parallel connection
is only considered. The operation of input and output parallel connected converters may
be analysed based on the linearized converter model presented in Chapter 6. However,
the full model is used in which the input voltage perturbations are considered, in which
the operation of two converters with different DC input voltage can be analysed. This
may be a result of being fed from different DC link capacitors. The state-space
representation of the DC/DC converter is given by Equation (6.10). Simulation for two
parallel connected 10 kA DC/DC converters based on small signal modelling is carried
out using MATLAB®, supplying a total load current of 20 kA. A block diagram

representation for open loop operation is shown in Figure 7.7.

Two cases are studied, the first where Converter | DC link voltage is 850 V, while the
other converter is fed from 900 V. The second case shows the effect of different
converter parameters, in which Converter | possesses an increased transformer leakage
inductance. The Matlab Simulink model and system parameters used for both cases are
given in the Appendix. Simulation results for both cases are shown in Figures 7.9a and
7.9c¢ respectively, in which converter Il must provide more current to compensate for
the output voltage reduction of converter I. The overloaded operation of Converter 1l
causes increased thermal stresses on the converter components, which may lead to

converter disconnection.
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Figure 7.7: Block diagram representation for the open loop operation of two parallel connected
converters, using the equivalent averaged small-signal model

Current-control closed-loop operation can effectively provide reliable parallel converter
operation in this case. A block diagram for the closed loop system is shown in Figure
7.8, where individual current loops are used for each converter. A common reference
current is supplied to individual converters. Simulation results show equal converter
current sharing for both cases, where converters are supplied with different DC link
voltages and different converter parameters, as shown in Figures 7.9b and 7.9d

respectively.
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Figure 7.8: Common current reference closed loop control of two parallel connected converters
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Figure 7.9: Simulations results for the open loop operation of two parallel connected converters supplying
a load current of 20 kA, with different DC link voltages and different converter parameters in (a) and (c),
and in case of common current reference closed loop operation in (b) and (d) respectively

7.3 Summary

The up-scaled 10 kA DC/DC converter design, based on the 1 kA design presented in
the previous chapters, was briefly analysed. The current rating is chosen based on the
achievable transformer design according to commercially available core dimensions.
Interleaving must be used to reduce transformer leakage inductance, due to its
significant effects on the scaled-up converter. Power loss was analysed for DC link
voltages of 600 and 900 V. Parallel connected converters must be used to satisfy current
requirements. Simple common current reference control is proposed, and is shown to
provide balanced converter current sharing in the case of different DC link voltages, as

well as different converter parameters.
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Chapter 8

Conclusion

8.1 General conclusion

A high-current low-voltage DC power supply, with a total output current of 32 MA at
approximately 8.5 volts, is required to supply the spherical tokamak power plant
(STPP), single-turn toroidal field coil. The toroidal field coil consists of 16 coil limbs,
connected to a central rod, forming the doughnut shaped magnetic confinement
chamber, with the supply divided into 16 converter modules, each supplying 2 MA
current. The same design is to be applied to a component test facility (CTF), based on
the same spherical tokamak power plant concept, which is due for construction before
proceeding with the actual power plant. Similarly, the component test facility utilises a
single turn toroidal field coil, comprising 10 coil limbs, with a total central rod current
of 10.5 MA, requiring a converter output voltage of approximately 10V. High
efficiency, reliability, and reduced converter footprint, are the basic design constraints
for the required power supply system. A basic AC/DC converter configuration, based
on conventional rectifying techniques, was first introduced as a possible approach.
However, the baseline design, utilising 12-pulse, half-wave, diode rectifiers at supply
frequency, possesses a low efficiency (approximately 67%) and a relatively impractical

footprint requirement. Exploring different converter topologies is thus mandatory.

Conventional diode rectification is considered inadequate for low output voltage
requirements because of high conversion efficiency restrictions. A typical 1.3V, high
power diode, forward voltage drop, results in a rectifier stage conversion efficiency of
approximately 85% at an output voltage of 8.5V. Synchronous rectification is widely
used in low-power low-voltage rectifier circuits (being initially introduced in buck
rectifiers), and is similarly applied to the required power supply system. Employing a
high frequency transformer can significantly reduce the overall converter footprint, as
50 Hz transformers are considered the bulkiest system component. A modular approach
is used, in which multiple low power rating converters are connected in parallel. This
can significantly increase system reliability by providing multiple redundant standby

modules.
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Based on the previous discussion, a double-stage conversion system is proposed. The

high-voltage stage is a conventional step-down full-bridge rectifier, delivering an output
voltage of 600V to 900V. The second stage is a high frequency DC/AC/DC converter,

utilising a ZVS phase-shift PWM inverter, a high frequency transformer, and a

synchronous rectifier. Parallel connected modules are to be used for obtaining the total

required current rating. A lab-sized prototype design, delivering 1kA at 8V, operating at

14 kHz, was successfully designed, analysed, and implemented, to validate the basic

system requirements.

8.2 Author’s contribution

The thesis outcomes can be enumerated as follows:

The basic operation of the ZVS phase-shift PWM, adopting MOSFET devices,
is analysed. Analytical expressions for the conduction power loss through the
MOSFET device and body diode are derived. MOSFET devices are particularly
attractive for this specific application. However, this is not the case for higher
voltage, and higher power requirements. It has been shown that using IGBTSs for
a 900V inverter design results in higher system efficiency, compared to a 600V
design utilising MOSFET devices, at the same power rating.

Liquid nitrogen cooling is not considered beneficial with low on-resistance,
advanced vertical power MOSFET structure devices (CoolMOS, or HyperFET
devices). A cryogenic testing experimental setup was built. The on-resistance
reduction factors at 77K, compared to 400K, are obtained for selected devices
covering most device breakdown voltages (which is proportional to the on-
resistance). High voltage devices showed the highest on-resistance reduction
factors. Power saving is only achieved for devices with reduction factors higher
than that required for cooling the devices down to 77 K (i.e. devices with a
reduction factor higher than 10), which are the devices suited for low power,
high frequency applications.

A nanocrystalline cored, high frequency transformer has been successfully
designed, and experimentally tested. Nanocrystaline magnetic materials possess
lower core loss and higher saturation flux density compared to the
conventionally used ferrite cores. Hence, a reduced volume, and higher

efficiency design is obtained. A centre-tapped transformer is implemented using
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an oval core shape, in which each half secondary winding is placed on one core
limb. Experimental results showed the necessity of reducing the secondary
termination bus-bar lengths, which significantly increases the total reflected
leakage inductance to the primary side, and directly affects circuit operation.
Symmetrical bus-bar connections and secondary circuit layout are also
mandatory for symmetrical operation in positive and negative half cycle rectifier
operation.

A Matlab based electro-thermal device model was developed for studying the
parallel operation of MOSFET devices. The model was used to estimate the
transient and steady-state current sharing characteristics in the case of different
device parameters. Acceptable current mismatch levels are typically obtained,
provided that paralleled devices are thermally coupled, arranged symmetrically
such that equal drain and common-source inductances are obtained, and are
triggered using the same gate signal.

A 1kA synchronous rectifier was implemented, using parallel connected,
surface-mount, MOSFET device packages. Ten devices are directly connected to
the secondary circuit bus-bars, as the total secondary current is beyond the
capability of printed circuit boards.

A control-driven synchronisation technique was developed for the MOSFET
rectifier, which delivers higher efficiency than self-driven techniques. Both
MOSFET rectifier half-cycles are turned-on during the half-wave rectifier
commutation period, such that load current circulates through the MOSFET
devices rather than body diodes. The commutation period is a function of the
total reflected leakage inductance, load resistance, and primary voltage duty-
cycle.

An up-scaled 10 kA converter design was presented, taking the advantage of
using lower loss, higher power devices, reducing the number of parallel
converters required to achieve a certain total output current.

A design for a MOSFET device package, with 48 parallel connected device dies
was presented. Chip-level paralleling is typically used for high power IGBT
packages. The package simplifies paralleling a large number of MOSFET

devices.
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Finally, a common current reference control technique was briefly presented for
parallel connected converter module operation. It is shown that this control
technique is adequate to provide current sharing, even with different individual
converter parameters (such as the input voltage or transformer leakage

inductance).

8.3 Future research

Further experimental research can be carried out using lab-scaled converter designs,

which includes:

Investigate other inverter topology configurations, such as the half-bridge
resonant configuration discussed in a previous chapter, which halves the number
of devices used.

Rearrange the transformer secondary termination bus-bars, to minimise the total
reflected leakage inductance. A possible improvement can be achieved by using
an interleaved winding configuration.

Verify the parallel operation of converter modules using the proposed common
current reference control.

Contacting regional industrial prototyping companies for implementing a
prototype MOSFET device package, with multiple parallel interconnected

device-dies.
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Appendix A: ZVS Phase-Shift PWM Resonant Converter
Al. RMS primary transformer current through each sub-interval:

The RMS current during each sub-interval (power delivery, freewheeling, and slew) can

be calculated by integrating the linearly approximated current shown in Figure Al.
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Assuming that AD is equally divided for intervals 3 and 4, interval 3 instantaneous

current can be expressed as follows:

i(t):if(ADsT/Jt
A S i 2
"”“S_\/W { (I3_(ADT/4]tj a
_ 1 ADJW iz—[ 2i jt+ | t? dt
ADT/4 ¢ (° (ADT/4) [ (ADT/4)’

ADT/4
I S P O L i2 t
ADT/4| ® (ADT/4)2 |(ADT/4)" )3

0

191



For interval 4:

. uy
I(t)z[ADT/Jt

o= 1 Aojm i tzdt
™ \(ADT/4 ¢ [ ADT/4

) . ilz EADT/4
~\|ADT/4|( (ADT/4)* |3 i

HA
Il

192



A2. MOSFET device technical datasheet (only first page is shown):

L-|IXYS Advanced Technical Data

HiPerFET™ IXFN 32N120 V. = 1200V
Power MOSFETs ., = 32A
Rosion) = 0.35Q
N-Channel Enhancement Mode
Avalanche Rated, High dv/dt, Lowt
Symbol Test Conditions Maximum Ratings miniBLOC, SOT-227 B (IXFN)
E153432
Voss T, =25°C to 150°C 1200 % b\
Vioor T, =25°Cto 150°C; Ry, = 1 MQ 1200 v >
= G/\ ‘\Q
Ve Continuous +30 v 4@ =
Vism Transient +40 \ -~ '!§\®\ 5
s T. = 25°C, Ghip capability 32 A % s
D
lom T, =25°C, pulse width limited by T, 128 A
b To =25°C o A G =Gate D = Drain
Ex T, =25C 64 mJ S = Source TAB = Drain
EAS TC = 25°C 4 J Either Source terminal at miniBLOG can be used
dvidt <1, di/dt< 100 Alis, V< Vo, 15 Vs o ManorkelinSoues
T=150°C, R,=20
P, T.=25C 780 w  Features
T e P G ® International standard package
-55 ..+ °
TJ . ® miniBLOC, with Aluminium nitride
M 150 isolation
Ts1g -85 ... +150 C * Low Ry, HDMOS™ process
Vi 50/60 Hz, AMS  t=1 min 5500 Ve ® Rugged polysilicon gate cell
lam <1 MA t=1s 3000 V- structure
M Mounting forque 1513 Nm/b.in ® Unclamped Inductive Switching (UIS)
’ . .in.
Terminal connection torque 1.5/13 Nm/Ib.in. rated .
- ® | ow package inductance
Weight S0 g e Fast intrinsic Rectifier
Symbol Test Conditions Characteristic Values Applications
(T, = 25°C, unless otherwise specified) ® DG-DC converlers
min. | typ. | max. ® Battery chargers
v V. =0V L=3mA 1200 Vi ® Switched-mode and resonant-mode
Dss G3 *'D .
power supplies
Vv V.=V Il =8mA 2.5 50 V
Gstn s G D e DG choppers
lass VGS(L“} =430 Vie, Vs =0 =200 nA ® Temperature and lighting controls
loss Vs = Vpss T,= 25°C 50 uA
Vg =0V T,=125°C 3 mA
Rosen Vv, =10V, 1,=05¢1_, 0.35 Advantages
Pulse test, t < 300 ps, ¢ Easy lo mount
duty cycled<2 % ® Space savings
® High power density
© 2003 IXYS All rights reserved DS98968B(10/03)
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A3. Relevant device characteristics used in the analysis:

* Rops(n) (on-resistance) versus T; (junction temperature):
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Figure A2: Normalised device on-resistance versus the junction tmperature
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Figure A3: Device junction capacitances versus the device drain-source voltage

Output capacitance value used for

design procedures Coss = 1000pF
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A4. Matlab Simulink model, for the ZVS phase-shift PWM converter:

o Gate signal generation block:

o I
0.9/1000000

Left Leg Delay

=

Frequency

I g R

Phase shift 0.9/1000000

Right Leg Delay
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Simulink model block diagram:
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Appendix B: Cryogenic Operation of MOSFETSs

B1. Cryogenic testing system:

Measuring
instruments for
determining

Rds(on) at 77K & ' - &

4 L B

A j - —~4
iy, a— Current limiting
7O r— power supply i

Load resistance

—— 1 Vacuum e = 4. Pressure sensor
F’ o chamber =

Note: Devices are first tested at room temperature to verify the on-resistance quoted in
the device datasheet, and verify that no measurement errors are obtained.
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B2. MOSFET device testing at 77K (detailed experimental results):

o Device 1: STPAN150 (1500V, 4A)
STFW4N150

IYI STP4N150, STW4N150

N-channel 1500V, 5 Q, 4 A, PowerMESH™ Power MOSFET
in TO-220, TO-247, TO-3PF

Features
Type VDSS RDS(on) max ID Pw @ N
STFW4N150 | 1500 V <7Q 4A | 63W r\\.‘\\ \\
STP4N150 | 1500 V <7Q 4A [160W
STW4N150 [ 1500V | <7Q [ 4A [160W T0-220
m 100% avalanche tested f‘n TO-247
m Intrinsic capacitances and Qg minimized \\f\%
m High speed switching N
m Fully isolated TO-3PF plastic packages TO-3PF
B Creepage distance path is 5.4 mm (typ.) for
TO-3PF
Application Figure 1. Internal schematic diagram.
m Switching applications
D@) o
Description
Using the well consolidated high voltage MESH ]
OVERLAY™ process, STMicroelectronics has €
designed an advanced family of very high voltage G(1) ]
Power MOSFETSs with outstanding performances.
The strengthened layout coupled with the
company’s proprietary edge termination structure,
gives the lowest Rpg(on) per area, unrivalled gate S(3) 0
charge and switching characteristics.
AMO1475v1
Table 1. Device summary
Order codes Marking Package Packaging
STFW4N150 4N150 TO-3PF Tube
STP4N150 P4N150 TO-220 Tube
STW4N150 W4N150 TO-247 Tube
July 2009 Doc ID 11262 Rev 9 115
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Figure B1: Normalized device on-resistance versus junction temperature
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Figure B2: On-resistance measurements obtained by experimental results at 300K and 77K

Table B1: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 7.5Q
Rdgon) at 77K 0.3744 Q
Reduction factor (F) 20.03
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e Device 2: 2SK3745LS (1500V, 2A)

SANYO Semiconductors
SANYO DATA SHEET

N-Channel Silicon MOSFET

2SK3745LS — High-Voltage, High-Speed Switching
Applications

Features
- Low ON-resistance, low input capacitance, ultrahigh-speed switching.
- High reliability (Adoption of HVP process).
- Micaless package facilitating mounting.
- Avalanche resistance guarantee.

Specifications
Absolute Maximum Ratings at Ta=25°C

Parameter Symbol Conditions Ratings Unit
Drain-to-Source Voltage VDss 1500 v
Gate-to-Source Voltage Viess +20 v
Drain Current (DC) ID* 2 A
Drain Current (Pulse) Ipp 4 A
Allowable Power Dissipation Pp — 20 w

Te=25°C 35 w
Channel Temperature Tch 150 °C
Storage Temperature Tstg -5510 +150 °C
Avalanche Enargy (Single Pulse) *1 EAS 42 mJ
Avalanche Current "2 F\Y 2 A

*Shows chip capability
*1 VDD=99V. L=20mH. Iay=2A

#2 L<20mH., single pulse

Electrical Characteristics at Ta=25°C

Parameter Symbol Conditions Ratings Unit
min typ max
Drain-to-Source Breakdown Voltage VBR)DSS | ID=1mA, VGs=0V 1500 v
Zero-Gate Voltage Drain Current IDSS Vps=1200V, VGs=0V 100 HA
Gate-to-Source Leakage Current IGss VGs=z16Y, Vps=0Vv +10 HA
Cutoff Voltage VGs(off) Vps=10V, Ip=1mA 25 35 A\
Forward Transfer Admittance |yfs| VDs=20V, Ip=1A 07 14 S
Static Drain-to-Source On-State Resistance Rps(on) ID=1A, VGs=10V 10 13 Q
Marking : K3745 Continued on next page.

M Any and all SANYO products described or contained herein do not have specifications that can handle
applications that require extremely high levels of reliability, such as life-support systems, aircraft's
control systems, or other applications whose failure can be reasonably expected to result in serious
physical and/or material damage. Consult with your SANYO representative nearest you before using
any SANYO products described or contained herein in such applications.

B SANYO assumes no responsibility for equipment failures that result from using products at values that

exceed, even momentarily, rated values (such as maximum ratings, operating condition ranges, or other
parameters) listed in products specifications of any and all SANYO products described or contained

herein.

SANYO Electric Co.Ltd. Semiconductor Compa

TOKYO OFFICE Tokyo Bldg., 1-10, 1 Chome, Ueno, Taito-ku, TOKYO, 110-8534 JAPAN

N15050B MS IM TB-00001890 No.8635-1/4
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Figure B3: Normalized device on-resistance versus junction temperature
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Figure B4: On-resistance measurements obtained by experimental results at 300K and 77K

Table B2: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 18.5Q
Rdgon) at 77K 1.0286 Q
Reduction factor (F) 17.98
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e Device 3: IXFK20N120 (1200V, 20A)

L-|IXYS Advanced Technical Information

HiPerFET™ IXFK 20N120 V. 1200 V
Power MOSFETs IXFX 20N120 l,, = 20 A

Rosen = 0.75Q
D
t <300 ns
G
S
Symbol Test Conditions Maximum Ratings PLUS 247™ .
(IXFX) N
Ve T, = 25°C to 150°C 1200 v z
Vier T, =25°C lo 150°G; Ry = 1 MQ 1200 v 1\
D
Vs Continuous +30 \
Vasn Transient +40 \
lyos T, =25°C 20 A
o T, =25°C, Note 1 80 A
[ T, =25°C 10 A
E.. T, =25°C 40 mdJ
E,s T, =25°C 2 J
dvi/dt Iy =1y, difdt <100 Alus, Vo =V oo 5 Vins
T, £150°C, R, =20 G = Gate D = Drain
P T = 925CG 780 W S = Source TAB = Drain
D Cc
T, -55 ... +150 °C
T 160 °G Features
Ty ) -85 ... +150 °G ®|ntemational standard packages
T 1.6 mm (0.063 in.) from case for 10 s 300 °G ®low Ras HDMOS™ process
M, Mounting torque  TO-264 0.9/6 Nm/Ib.in. * Rugged polysilicon gate cell structure
Weight PLUS 247 6 o *® Unclamped Inductive Switching (UIS)
rated
TO-264 10 9 * Low package inductance
- easy to drive and to protect
® Fast intrinsic rectifier
Applications
* DC-DC converters
L] -
Symbol TestConditions Characteristic Values . Bat.tery chargers
(T, = 25°C, unless otherwise specified) Swnohed-mo_de and resonant-mode
min.| typ. | max. power supplies
V, V=0V, ;= 1mA 1200 3 . DC choppers
Dss$ es=H V., =AM * AC motor control
VGsm“ Ve = Vg Ip=8mMA 25 45 V * Temperature and lighting controls
lass Vo =230V, V=0 +100 nA
Advantages
loss Vi = Vpes T, = 25°C 100 pA . e .
Cpss B . ! PLUS 247™ package for clip or spring
Vg =0V T, =125°C 2 m;f'\ mounting
Roson) Vog =10V, 1;=0521,,, 075 Q  * gpace savings
Note 2 * High power density
© 2003 IXYS All rights reserved DS599112(11/03)
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Figure B5: Normalized device on-resistance versus junction temperature
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Figure B6: On-resistance measurements obtained by experimental results at 300K and 77K

Table B3: On-resistance at 400K, 77K, and the obtained reduction factor

Ras(om at 400K 1.39Q
Rdg(on) at 77K 0.2567 Q
Reduction factor (F) 5.41
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FQA11IN90C (900V, 11A):

]
FAIRCHILD
]

SEMICONDUCTOR®

FQA11N90C

900V N-Channel MOSFET

General Description

These N-Channel enhancement mode power field effect
transistors are produced using Fairchild's proprietary,
planar stripe, DMOS technology.

This advanced technology has been especially tailored to
minimize on-state resistance, provide superior switching
performance, and withstand high energy pulse in the
avalanche and commutation mode. These devices are well
suited for high efficiency switch mode power supplies.

Features

11A, 900V, Rpgon) = 1.1Q @V = 10V
+ Low gate charge ( typical 60 nC)

+ Low Crss ( typical 23 pF)

» Fast switching

+ 100% avalanche tested

» Improved dv/dt capability

.

9 0
A
G
TO-3P
G DS FQA Series Q
Absolute Maximum Ratings . - 25:c unless otherwise noted
Symbol Parameter FQATIN90OC Units
Vpss Drain-Source Voltage 900 \Y
In Drain Current - Continuous (T¢ = 25°C) 11.0 A
- Continuous (T = 100°C) 5.9 A
Iom Drain Current - Pulsed {Note 1) 44.0 A
Viess Gate-Source Voltage +30 \
Eas Single Pulsed Avalanche Energy {Note 2) 960 mJ
Iar Avalanche Current {Note 1) 1.0 A
Ear Repetitive Avalanche Energy (Note 1) 30 mJ
dv/dt Peak Diode Recovery dv/dt (Note 3) 4.0 Vins
Pp Power Dissipation (T = 25°C) 300 W
- Derate above 25°C 2.38 Wi°C
T,). Ts1g Operating and Storage Temperature Range -55 to +150 °C
Maximum lead temperature for soldering purposes,
T 300 °C
1/8" from case for 5 seconds
Thermal Characteristics
Symbol Parameter Typ Max Units
Rasc Thermal Resistance, Junction-to-Case - 0.42 ‘CwW
Racs Thermal Resistance, Case-to-Sink 0.24 - “Cw
RgJa Thermal Resistance, Junction-to-Ambient - 40 *C/W

@2002 Fairchild Semiconductor Corporation
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Figure B8: On-resistance measurements obtained by experimental results at 300K and 77K

Table B4: On-resistance at 400K, 77K, and the obtained reduction factor

Ras(om at 400K 2.09 Q
Rdg(on) at 77K 0.07643 Q
Reduction factor (F) 27.34
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e Device 5: IXKC25N80 (800V, 25A)

DIXYS IXKC 25N80C
CoolMOS™" Power MOSFET Iozs =25 A
Vs =800 V

ISOPLUS™ Package

N-Channel Enhancement Mode
Low Rggon, high Vpgg MOSFET
Electrically Isolated Back Surface

MOSFET
Symbol  Conditions Maximum Ratings
Vpss Ty, =25°C 800 \
Vas +20 \
Inzs To=25°C 25 A
Ingo To =90°C 18 A
Eas T, st = 25°C; single pulse; [, = 3.4 A 670 mJ
Ean T, sart = 25°C; repetitive; I =17 A 0.5 mJ
dv/dt Vps < Vpss: Ie =35 A; Ty, = 1560°C 6| Vins
dip/dt = 100 Alps
Symbol Conditions Characteristic Values
(Ty, = 25°C, unless otherwise specified)
min. | typ.| max.
Roson Ves = 10V; 1y = Ipge 135 150 | mQ
Vasn) Vps =Vgsi b =2 mA 2 4 \4
Ipss Vps=Vpss: Vas=0V Ty= 25°C 50 HA
Ty =125°C 250 HA
lass Vg =220V;V =0V +200 nA
Cies 4600 pF
Coss Ves=0V;Vps=25V;f=1MHz 2500 pF
Ches 120 pF
Q, 180 nC
Qe Vs =010 10 V; Vs =640 V; I = g 20 nC
Qqq 80 nC
Laon) 25 ns
1, Ves = 10V; Vs = 640 V; T, = 125°C 25 ns
tacom I,=35A;R;=220Q 75 ns
t; 10 ns
Rinsc 05| KW

IXYS reserves the right to change limits, test conditions and dimensions.

RDS(on) max — 150 mQ

ISOPLUS220
Power Samiconductont

Gl

D* 1
s isolated
back surface

Me72e7a

Features

« Silicon chip on Direct-Copper-Bond
substrate
- high power dissipation
- isolated mounting surface
- 2500 V electrical isolation

« 3" generation CoolMOS™ " power
MOSFET
- high blocking capability
- lowest resistance
- avalanche rated for unclamped

inductive switching (UIS)

» Low thermal resistance due to
reduced chip thickness

* Low drain to tab capacitance (<30 pF)

Applications

» Switched mode power supplies (SMPS)
= Uninterruptible power supplies (UPS)
* Power factor correction (PFC)

« Welding

« Inductive heating

Advantages

« Easy assembly: no screws or isolation
foils required

* Space savings

« High power density

' CoolMOS™ is a trademark of
Infineon Technologies AG.

20080526a

© 2008 IXYS All rights reserved
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Figure B9: Normalized device on-resistance versus junction temperature
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Figure B10: On-resistance measurements obtained by experimental results at 300K and 77K

Table B5: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 0.225Q
Rdg(on) at 77K 0.0484 Q
Reduction factor (F) 4.6
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e Device 6: IPP60R299 (650V, 11A)

(infineon

IPP60R299CP
CoolMOS™ Power Transistor Product Summary
Features Vs @ Tjmax 650 |V
* Lowest figure-of-merit R oyxQyq R os(ommax 0299 |
« Ultra low gate charge Quup 2o nG
» Extreme dv/dt rated
*» High peak current capability
* Qualified according to JEDEC" for target applications
* Pb-free lead plating; RoHS compliant PG-TO220
CoolMOS CP is specially designed for:
Hard switching SMPS topologies
drain
pin 2
Type Package Ordering Code Marking giﬁ
IPP60R299CP PG-TO220 SP000084280 6R299P ehlirce
pin3
Maximum ratings, at 7=25 °C, unless otherwise specified
Parameter Symbol [Conditions Value Unit
Continuous drain current Ip Tc=25°C 1M A
Tc=100°C 7
Pulsed drain current? lppuse |Tc=25°C 34
Avalanche energy, single pulse E s 1=4.4 A, V=50V 290 mJ
Avalanche energy, repetitive toz”">  |Ear 15=4.4 A, Vp=50V 0.44
Avalanche current, repetitive t 52 |/ ar 44 A
MOSFET dv/df ruggedness dv/dt Vps=0...480 V 50 Vins
Gate source voltage Ves static +20 vV
AC (f>1 Hz) +30
Power dissipation P ot Te=25°C 96 w
Operating and storage temperature |7}, Tgq -55 ... 150 °C
Mounting torque M3 and M3.5 screws 60 Nem

208




08 —

N\
NN

06 —

04— /
/9%'4
0.2 Z

= -

R psion) [Q]

-60 -20 20 60 100 140 180
T,[°C]
Figure B11: Normalized device on-resistance versus junction temperature

Current (A)
Figure B12: On-resistance measurements obtained by experimental results at 300K and 77K

Table B6: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 0.49 Q
Reston) at 77K 0.05775 Q
Reduction factor (F) 8.48

209



e Device 7: FQP5N50 (500V, 5A)

]
FAIRCHILD

I
SEMICONDUCTOR®

FQPSNSOC/FQPF5NS50C
500V N-Channel MOSFET

14Q@Ves=10V

QFET™

General Description Features

These N-Channel enhancement mode power field effect + 5A, 500V, Rps(en) =
transistors are produced using Fairchild’s proprietary, » Low gate charge ( typical 18nC)
planar stripe, DMOS technology. + Low Crss ( typical 15pF)

This advanced technology has been especially tailored to + Fast switching

minimize on-state resistance, provide superior switching « 100% avalanche tested
performance, and withstand high energy pulse in the + Improved dv/dt capability

avalanche and commutation mode. These devices are well
suited for high efficiency switched mode power supplies,
active power factor correction, electronic lamp ballasts
based on half bridge topology.

/,

%

TO-220F
FQPF Series

TO-220

. GDS
FQP Series

AbSOI ute MaXi mum Rat| n gS Tc = 25°C unless otherwise noted

Symbol Parameter FQP5N50C | FQPF5N50C Units
Vpss Drain-Source Voltage 500 \%
Ip Drain Current - Continuous (T = 25°C) 5 5" A

- Continuous (T = 100°C) 2.9 29" A
Ipm Drain Current - Pulsed (Note 1) 20 20" A
Viss Gate-Source Voltage +30 \
Eas Single Pulsed Avalanche Energy (Note 2) 300 mJ
Iar Avalanche Current {Note 1) 5 A
Ear Repetitive Avalanche Energy (Note 1) 7.3 mJ
dv/dt Peak Diode Recovery dv/dt (Note 3) 45 Vins
Po Power Dissipation (T¢ = 25°C) 73 38 w
- Derate above 25°C 0.58 0.3 wrC
T, TsTe Operating and Storage Temperature Range -55 to +150 °C
Maximum lead temperature for soldering purposes,
T 300 °C
1/8" from case for 5 seconds
* Drain current limited by maximum junction temperature
Thermal Characteristics

Symbol Parameter FQP5N50C FQPF5N50C Units
Raic Thermal Resistance, Junction-to-Case 1.71 3.31 *C/wW
Rals Thermal Resistance, Case-to-Sink Typ. 0.5 - "CwW
Rgua Thermal Resistance, Junction-to-Ambient 62.5 62.5 ‘CW
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Figure B14: On-resistance measurements obtained by experimental results at 300K and 77K

Table B7: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 2.52Q
Rdg(on) at 77K 0.1285 Q
Reduction factor (F) 19.61
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e Device 8: IRFP340 (400V, 11A)

Intermational
Rectifier

PD-9.456C

IRFP340

HEXFET® Power MOSFET

Dynamic dv/dt Rating

® Repetitive Avalanche Rated

® |solated Central Mounting Hole
® Fast Switching

® Ease of Paralleling

e Simple Drive Requirements

Description

Third Generation HEXFETs from international Rectifier provide the designer
with the best combination of fast switching, ruggedized device design, low

° Vpss = 400V
HDS{OH) —_ 055Q
. Ip = 11A

on-resistance and cost-effectiveness.

The TO-247 package is preferred for commercial-industrial applications
where higher power levels preclude the use of TO-220 devices. The TO-247
is similar but superiar to the earlier TO-218 package because of its isolated
mounting hole. It also provides greater creepage distance between pins to

meet the requirements of most safety specifications.

Absolute Maximum Ratings

TO-247AC

Parameter Max. Units
Ip @ T¢ =25°C Continuous Drain Current, Vgs @ 10V 11
Ib@ Tc=100°C | Continuous Drain Current, Vas @ 10V 6.9 A
lom Puised Drain Current © 44 |
Pp @ Tc=25°C | Power Dissipation 180 w
Linear Derating Factor 1.2 WrC
| Vias Gate-to-Source Voltage +20 V
Eas Single Pulse Avalanche Energy @ 430 mJ
lar Avalanche Current @ 11 A
Ear Repetitive Avalanche Energy @ 15 mJ
dv/dt Peak Diode Recovery dv/dt @ 4.0 Vins
- TJ QOperating Junction and -85 to +150
TstG Storage Temperature Range ) °C
Soldering Temperature, for 1¢ seconds 300 (1.6mm from case)
Mounting Torque, 6-32 or M3 screw 10 tbfein {1.1 Nem)
Thermal Resistance
Parameter Min. Typ. | Max Units
Raic Junction-to-Case — — 0.83
Rocs Case-to-Sink, Flat, Greased Surface — 0.24 — | O
Reia Junction-to-Ambient — — 40
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Figure B16: On-resistance measurements obtained by experimental results at 300K and 77K

Table B8: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 0.9625 Q
Rdjon) at 77K 0.05301 Q
Reduction factor (F) 18.16
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e Device 9: FDPF33N25 (250V, 22A)

e r———
FAIRCHILD
]

SEMICONDUCTOR®

FDPF33N25

250V N-Channel MOSFET

Features

+ 20A, 250, Rpgjop) = 0.0940 @Vgg = 10V
+ Low gate charge ( typical 36.8 nC)

+ Low C¢s ( typical 39 pF)

« Fast switching

+ 100% avalanche tested

« Improved dv/dt capability

May 2006

UniFET™

Description

These N-Channel enhancement mode power field effect
transistors are produced using Fairchild's proprietary, planar
stripe, DMOS technology.

This advanced technology has been especially tailored to
minimize on-state resistance, provide superior switching
performance, and withstand high energy pulse in the avalanche
and commutation mode. These devices are well suited for high
efficient switched mode power supplies and active power factor
correction.

D
G
GDs TO-220F
FDPF Series
S
Absolute Maximum Ratings
Symbol Parameter FDPF33N25 Unit
Vpss Drain-Source Voltage 250 \
Ip Drain Current - Continuous (T = 25°C) 20 A
- Continuous (T = 100°C) 12 A
Iom Drain Current - Pulsed (Note 1) 80 A
Vass Gate-Source voltage =30 \
Eas Single Pulsed Avalanche Energy (Note 2) 918 mJ
IAR Avalanche Current (Note 1) 20 A
Ear Repetitive Avalanche Energy (Note 1) 94 mJ
dv/dt Peak Diode Recovery dv/dt (Note 3) 4.5 Vins
Pp Power Dissipation (Te = 25°C) 94 w
- Derate above 25°C 0.76 WieC
Ty, TstG Operating and Storage Temperature Range -55to +150 °C
T Maximum Lead Temperature for Soldering Purpose, 300 oc
1/8” from Case for 5 Seconds
Thermal Characteristics
Symbol Parameter Min. Max. Unit
Reuc Thermal Resistance, Junction-to-Case - 1.32 e
Rgua Thermal Resistance, Junction-to-Ambient - 62.5 e

214




3.0

25

e
S

10

05 / “Notes :

1.V =10V
21,=10A

Rnscom (Normalized)
Drain-Source On-Resistance

00 R R R N R I R
-100 -50 0 50 100 150 200

T, Junction Temperature [°C]
Figure B17: Normalized device on-resistance versus junction temperature

0.1
0.09 ==
0.07

0.06
Rdsat 300K
0.05 —r— ds-at-300

0.04 Rds-at 771K
0.03
0.02 e = e e
0.01

Resistance (Q)

1 2 3 4 5 6 7 8 9 10 11
Current (A)

Figure B18: On-resistance measurements obtained by experimental results at 300K and 77K

Table B9: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 0.1739 Q
Rdjon) at 77K 0.01716 Q
Reduction factor (F) 10.13
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e Device 10: IRFP4668 (200V, 130A)

PD -97140

IRFP4668PbF

HEXFET® Power MOSFET

International
TSGR Rectifier

Applications D

e High Efficiency Synchronous Rectification in SMPS VDSS 200V
e Uninterruptible Power Supply }7
e High Speed Power Switching A RDS(°") typ. 8.0mQ
e Hard Switched and High Frequency Circuits G max| 9.7mQ
Benefits S ID 130A
e Improved Gate, Avalanche and Dynamic dV/dt
Ruggedness
e Fully Characterized Capacitance and Avalanche
SOA
Enhanced body diode dV/dt and dl/dt Capability S
Lead-Free i
TO-247AC
G D S
Gate Drain Source
Absolute Maximum Ratings
Symbol Parameter Max. Units
Ip @ Tc=25°C Continuous Drain Current, Vgs @ 10V 130
Ib @ T =100°C Continuous Drain Current, Vgs @ 10V 92 A
Iom Pulsed Drain Current @ 520
Pp @Tg =25°C Maximum Power Dissipation 520 W
Linear Derating Factor 3.5 W/
Vas Gate-to-Source Voltage =30 v
dv/dt Peak Diode Recovery @ 57 Vins
T, Operating Junction and -55 0 + 175 °C
Ts10 Storage Temperature Range
Soldering Temperature, for 10 seconds 300
(1.6mm from case)
Mounting torque, 6-32 or M3 screw 10Ibin (1.1N-m)
Avalanche Characteristics
Eas (Themaly imiegy | SiNGle Pulse Avalanche Energy @ 760 mJ
lan Avalanche Current @ See Fig. 14, 15, 22a, 22b, A
Ean Repetitive Avalanche Energy @ mJ
Thermal Resistance
Symbol Parameter Typ. Max. Units
Reuc Junction-to-Case —_ 0.29
Racs Gase-to-Sink, Flat Greased Surface 0.24 _ °G/W
Raua Junction-to-Ambient @ ® —_ 40
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Figure B20: On-resistance measurements obtained by experimental results at 300K and 77K

Table B10: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 14.4 mQ
Rgs(on) at 77K 2.064 mQ
Reduction factor (F) 9.62
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e Device 11: IRF510 (100V, 56A)

International
Rectifier

PD-2.325Q

IRF510

HEXFET® Power MOSFET

Description

Third Generation HEXFETs from International Rectifier provide the designer
with the best combiriation of fast switching, ruggedized device design, low

Dynamic dv/dt Rating
Repetitive Avalanche Rated
175°C Operating Temperature
Fast Switching

Ease of Paralleling

* Simple Drive Requirements

VDSS = 1 OOV

'RDS(OI‘I) = 054Q

. Ip = 5.6A

on-resistance and cost-effectiveness.

The TO-220 package is universally preferred for all commercial-industrial
apylications at power dissipation levels to approximately 50 watts. The low
thermal resistance and low package cost of the TO-220 contribute 1o its wide

acceptance throughout the industry.

a0

TO-220AB
Absolute Maximum Ratings
Parameter Max. Units
lp@ Te=25°C | Continuous Drain Current, Vas @ 10V 5.6
Io @ Te=100°C | Continuous Drain Current, Vas @ 10V 4.0 A
Tom | Pulsed Drain Current @ 20
Pp @ Tc=25°C | Power Dissipation 43 w
Linear Derating Factor 0.29 W/rC
Vas Gate-to-Source Voltage +20 1)
Eas Single Pulse Avalanche Energy @ 100 mJ
lar Avalanche Current @ 5.6 A
Ear Repetitive Avalanche Energy @ 4.3 mJ
dv/dt Peak Diode Recovery dv/dt @ 5.5 : Vins
T4 Operating Junction and -85 o +175
Tsra Storage Temperature Range °C
Soldering Temperature, for 10 seconds 300 (1.8mm from case)
Mounting Torque, 6-32 or M3 screw 10 tbfein (1.1 Nam)
Thermal Resistance
_ Parameter Min. Typ. Max. Units
Raic _ | Junction-to-Case — — 3.5
Rocs Case-to-Sink, Flat, Greased Surface 0.50 — /W
Raua | Junction-to-Ambient — — 62
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Tp = 5.6A
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1.5 ]

Rps(on) Drain-to-Source On Resistance
(Normalized)

- _ Veg = 10V
"~60-40-20 O 20 40 60 BO 100 120 140 160 180

T,, Junction Temperature (°C)
Figure B21: Normalized device on-resistance versus junction temperature
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Figure B22: On-resistance measurements obtained by experimental results at 300K and 77K

Table B11: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 0.864 Q
Rdjon) at 77K 0.1554 Q
Reduction factor (F) 5.56
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e Device 12: IRFB3207 (75V, 180A)

International
TR Rectifier

Applications

e High Efficiency Synchronous Rectification in SMPS

Benefits

Uninterruptible Power Supply
High Speed Power Switching
Hard Switched and High Frequency Circuits

e Worldwide Best Rpgqop) in TO-220
e Improved Gate, Avalanche and Dynamic dV/dt

Ruggedness

PD - 96893A
IRFB3207
IRFS3207

IRFSL3207

HEXFET® Power MOSFET

gl

w

VDSS

75V

Rpsen) typ.

3.6mQ
4.5mQ

max.

Ib

e Fully Characterized Capacitance and Avalanche

180A

SOA <
e Enhanced body diode dV/dt and dl/dt Capability @\ @! @
GDS GDS GDS
TO-220AB D2Pak TO-262
IRFB3207 IRFS3207 IRFSL3207
Absolute Maximum Ratings
Symbol Parameter Max. Units
lp @ Tg=25°C Continuous Drain Current, Vgs @ 10V 1800@ A
Ip @ Tg=100°C  |Continuous Drain Current, Vg @ 10V 1300
lom Pulsed Drain Current @ 720
Py @Tg=25°C Maximum Power Dissipation 330 W
Linear Derating Factor 2.2 WG
Vas Gate-to-Source Voltage +20 \
dV/dt Peak Diode Recovery @ 5.8 Vins
T, Operating Junction and -65 to + 175 °C
Tsra Storage Temperature Range
Soldering Temperature, for 10 seconds 300
(1.6mm from case)
Mounting torque, 6-32 or M3 screw 10Ib-in (1.1N-m)
Avalanche Characteristics
E s (Thermally fimitec) Single Pulse Avalanche Energy @ 910 mJ
Iar Avalanche Current @ See Fig. 14, 15, 16a, 16b, A
Ear Repetitive Avalanche Energy ® mJ
Thermal Resistance
Symbol Parameter Typ. Max. Units
Reuc Junction-to-Case @ —_ 0.45
Rscs Case-to-Sink, Flat Greased Surface , TO-220 0.50 — “C/W
Raua Junction-to-Ambient, TO-220 ® — 62
Roua Junction-to-Ambient (PGB Mount) , D’Pak ®@ — 40
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Figure B23: Normalized device on-resistance versus junction temperature
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Figure B24: On-resistance measurements obtained by experimental results at 300K and 77K

Table B12: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 5.58 mQ
Rdg(on) at 77K 1.745 mQ
Reduction factor (F) 3.19
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e Device 13: IRLIZ34N (55V, 22A)

International
IR Rectifier

Logic-Level Gate Drive

Advanced Process Technology

Isolated Package

High Voltage Isolation =2.5KVRMS &

Sink to Lead Creepage Dist. =4.8mm

Fully Avalanche Rated

Lead-Free

Description

Fifth Generation HEXFETs from International Rectifier
utilize advanced processing techniques to achieve the
lowest possible on-resistance persiliconarea. This benefit,
combined with the fast switching speed and ruggedized
device design that HEXFET Power MOSFETs are well

known for, provides the designer with an extremely efficient
device for use in a wide variety of applications.

The TO-220 Fullpak eliminates the need for additional
insulating hardware in commercial-industrial applications.
The moulding compound used provides a high isolation
capability and a low thermal resistance between the tab
and external heatsink. This isolation is equivalent to using
a 100 micron mica barrier with standard TO-220 product.
The Fullpak is mounted to a heatsink using a single clip or
by a single screw fixing.

Absolute Maximum Ratings

PD - 95455

IRLIZ34NPDbF

HEXFET® Power MOSFET

D
VDSS = 55V
RDS(OH) =0.035Q
S Ip=22A

TO-220 FULLFRAK

Parameter Max. Units

Ip@ Tc=25°C Continuous Drain Current, Vs @ 10V 22
Ip@ Tc =100°C Continuous Drain Current, Vzs @ 10V 15 A
lom Pulsed Drain Current @ ® 110
Pop@Tg =25°C Power Dissipation 37 W

Linear Derating Factor 0.24 WirC
Vas Gate-to-Source Voltage +16 v
Eas Single Pulse Avalanche Energy @® 110 mJ
lar Avalanche CurrentO® 16 A
Esr Repetitive Avalanche Energy@® 3.7 mJ
dv/dt Peak Diode Recovery dv/dt @@ 5.0 Vins
Ty Operating Junction and -55 to + 175
TsTe Storage Temperature Range °C

Soldering Temperature, for 10 seconds 300 (1.6mm from case)

Mounting torque, 6-32 or M3 screw. 10 Ibfein (1.1N-m)

Thermal Resistance

Parameter Min Typ. Max. Units
Raic Junction-to-Case J— _ 4.1
Reua Junction-to-Ambient _— _— 65 | °*CW
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Figure B25: Normalized device on-resistance versus junction temperature
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Figure B26: On-resistance measurements obtained by experimental results at 300K and 77K

Table B13: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 52.5 mQ
Rdjon) at 77K 9.495 mQ
Reduction factor (F) 5.53
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e Device 14: IRF4004 (40V, 350A)

PD -97323

\nternational

TSGR Rectifier IRFP4004PbFE

Applications
e High Efficiency Synchronous Rectification in
SMPS HEXFET® Power MOSFET
. U_mnterruphb\e Power _Sup_p\y o Voss 40V
e High Speed Power Switching
e Hard Switched and High Frequency Circuits |7J Rosion)  typ- 1.35mQ
A max. 1.70mQ
i D— I (silicon Limited) 350A0
Benefits S Ip (Package Limited) 195A
e |mproved Gate, Avalanche and Dynamic
dv/dt Ruggedness
e Fully Characterized Capacitance and D
Avalanche SOA
e Enhanced body diode dV/dt and di/dt %
Capability o
G
TO-247AC
G D S
Gate Drain Source
Absolute Maximum Ratings
Symbol Parameter Max. Units
Ip @ Tc =25°C  |Continuous Drain Current, VGS @ 10V (Silicon Limited) 3500
Ip @ Te =100°C |Continuous Drain Current, Vas @ 10V (Silicon Limited) 2500 A
Ip @ Tg=25°C Continuous Drain Current, Vgs @ 10V (Wire Bond Limited) 195
Iom Pulsed Drain Current @ 1390
Pp @Tc=25°C  |Maximum Power Dissipation 380 W
Linear Derating Factor 2.5 W/°C
Vas Gate-to-Source Voltage +20 v
dv/dt Peak Diode Recovery @ 2.0 Vins
T, Operating Junction and -55 to + 175 °C
Tsr1e Storage Temperature Range
Soldering Temperature, for 10 seconds 300
(1.6mm from case)
Mounting torque, 6-32 or M3 screw 10lbrin (1.1N-m)
Avalanche Characteristics
Es (Thermally limited) Single Pulse Avalanche Energy @ 290 md
lan Avalanche Current @ See Fig. 14, 15, 22a, 22b A
Ear Repetitive Avalanche Energy ® md
Thermal Resistance
Symbol Parameter Typ. Max. Units
Rec Junction-to-Case ® — 0.40
Racs Case-to-Sink, Flat Greased Surface 0.24 —_ °C/W
Rea Junction-to-Ambient ®@ — 40
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Figure B27: Normalized device on-resistance versus junction temperature
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Figure B28: On-resistance measurements obtained by experimental results at 300K and 77K

Table B14: On-resistance at 400K, 77K, and the obtained reduction factor

Ruas(on) at 400K 1.8225 mQ
Rason at 77K 0.489 mQ
Reduction factor (F) 3.73
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e Device 15: IRF1324S7 (24V, 429A)

International
TSGR Rectifier

PD - 97263

IRF1324S-7PPbF

HEXFET® Power MOSFET

 Figh Effency Synch Rectif SMPS I ALE 24V
¢ Hig iciency Synchronous Rectification in
e Uninterruptible Power Supply & RDS(O") typ. 0.8mQ
e High Speed Power Switching ﬁ max. 1.0mQ
e Hard Switched and High Frequency Circuits ! ID 429A
Benefits
e Improved Gate, Avalanche and Dynamic dV/dt
Ruggedness
e Fully Characterized Capacitance and Avalanche
SOA
e Enhanced body diode dV/dt and dl/dt Capability
e lead-Free
G
D2Pak 7 Pin
G D S
Gate Drain Source
Absolute Maximum Ratings
Symbol Parameter Max. Units
Ib @ Tg=25°C Continuous Drain Current, Vgg @ 10V 4290 A
Ip @ Tg=100°C  |Continuous Drain Current, Vgs @ 10V 3030
Iom Pulsed Drain Current @ 1640
Pp @T¢=25°C Maximum Power Dissipation 300 W
Linear Derating Factor 2.0 W/°C
Vas Gate-to-Source Voltage =20 \
dv/dt Peak Diode Recovery @ 1.6 V/ns
T, Operating Junction and -65 to + 175 °C
E Storage Temperature Range
Soldering Temperature, for 10 seconds 300
(1.6mm from case)
Mounting torque, 6-32 or M3 screw 10Ib+in (1.1N-m)
Avalanche Characteristics
Eas (themaly timited) Single Pulse Avalanche Energy @ 230 mdJ
lar Avalanche Current @ See Fig. 14, 15, 22a, 22b, A
Ear Repetitive Avalanche Energy ® md
Thermal Resistance
Symbol Parameter Typ. Max. Units
Reuc Junction-to-Case @ — 0.50 “CIW
Reua Junction-to-Ambient (PCB Mount) , D°Pak ®® — 40
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Figure B29: Normalized device on-resistance versus junction temperature
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Figure B30: On-resistance measurements obtained by experimental results at 300K and 77K

Table B15: On-resistance at 400K, 77K, and the obtained reduction factor

Rdg(on) at 400K 1.04 mQ
Rdjon) at 77K 0.528 mQ
Reduction factor (F) 1.96
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Appendix C: Nanocrystalline Transformer Design Data
C1. The total m layer winding power loss due to skin and proximity effects:

The following analysis is given in reference [4.13]. Given that the copper power loss
per layer, after solving Maxwell’s equations to obtain the current density distribution,
IS:

P=R,. ﬁ{[MMFZ (0)+ MMF? (t) ]G, — 4MMF (0) MMF ()G, |

where N, is the number of turns in the layer, and R, is the DC resistance of the layer,

and the functions G, and G, are:

sinh

cosh

o
|

| (Lo )
g6

cosh

For a winding carrying a current of I:
MMF (t) - MMF (0) = N,
Defining m as the ratio of the MMF at t to the layer ampere-turns N, 1, hence:

MMF(©0) m-1
MMF() m

The power dissipated in the layer is then:
92 t 2
P=1%R,. g[(Zm ~2m+1)G, -4m(m-1)G, |
And the resistance ratio due to skin and proximity effects is:

Fo=——= %[(2m2 —2m+1)G, —4m(m-1)G, |
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The total increase in winding resistance for M layers is:

R )

1ty

- Mgm:l(mz (2G,-4G,)-m(2G, - 4G,)+G,)

The summation can be expressed in closed form, with help of the identities:
M
ZM _M(M+1)
L 2

Mo M(M +1)(2M +1)
EM - 6

which leads to:
Fo= LG+ 2(M2-1)(G,-26G,)
R 5 1 3 1 2
For the term (G, —2G,):
. 2t . (2t . t t tYy. ([t
smh(éjﬂm(éj smh(éjcos(&j+cosh(5jsm(5j
G, =26, = 2t 2y 2 2t 2t
cosh| — |—cos| — cosh| — |—cos| —
o ) o o
sinh(mj+sin(2tj—23inh(tjcos(tj—Zcosh(tjsin[tj
_ ) ) ) b} o) )
(th (th
cosh| — |—cos| —
o b

By using the following trigonometric relations:

cosh(2a) = 2cosh?(a) —1
cos’(2a) = 2cos’(a) —1
2sinh(a) cosh(a) =sinh(2a)

2sin(a)cos(a) =sin(2a)

229



tttttttttt



C2. Material properties of Nanoperm® (obtained from manufacturer’s website):

Table C1: Nanoperm material properties

Saturation flux density (Bsa) 12T
Saturation magnetostriction <0,5 ppm
Specific electrical resistivity 115 pOhmem
Density 7,35 g/cm3
Curie temperature (T) 600 °C
Min. operational temperature (T yin) -40 °C
Max. operational temperature (T ax) + 120 (180) °C
Core losses (0.3T/100kHz,sine) (P,) <110 W/kg
Tape thickness (d) 17/23 pm
Grain size (typ.) 10 nm
Permeability (u) 20.000 - 200.000
Alloy composition Fezss Cuy Nb; Siyss B;

1200
= yapd
om 100 e
a0 1=80.000 / / / /- ‘
— J/ Pl
e / > 10 / A
— 20 QLMII) X 7 > 4”
;o = T
200 = 7 A
o 2 s
400 g 1 4 =7 ’/ T T
e / / / 3 iz
_&D P
1000 / / 0,1
20— | 1 10
10 0 4 0 0
0 20 - ) 23?) ;ég flkHz]

Hunax [mA/cm] (— B=015T, — B=03T, — B=06T)

Figure C1: Hysteresis curves Figure C2: Core power loss curves
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C3. M142 core data:

FORM . .
Identifier: F 108 Product specification MAGNETEC GmbH
Revision: 03 for inducti t Industriestrasse 7
Page:  1/1 Oor Inductive components D-63505 Langenselbold
[]
Client: MAGNETEC GmbH Magnetec P/N: | M-142 Magnetec AIN: | 12138
Client's P/N: / PS Index: 07 PS Revision: 06
Subject: EMC Wandler Type: E
1. Mechanical Outline
Nominal core dimensions:
133 x 104 x 20 MAGNETEC M-142-07 YM A
. o R2
Finished product dimensions: R1 ‘
0D <=172,0 (B)/ 78,0 (D)
ID=131,0 (A)/ 37,0 (C) c D
H <25,0 '
[dimensions] = mm ,
R1=189/R2=386
A
—— —
B H
] -— — ]
2. Core data
Core material: NANOPERM® L, =37.0cm A_=21cm’
Nominal values: Permeability level @ frequency @ H peak
~30.000 10 kHz 3,0 mA/em
3. Inspection values
Measured value Measurement limits Frequency leff x N [mA x turn]
AL [uH] 16,0 - 32,0 10 kHz 80
4. Core finishing
Type: Cased, with glued case
Marking: MAGNETEC M-142-07 YM
Packaging: 4 pcs. per layer; 3 layers per carton box; PU =12 pcs.
5. Comments:
X Marking date code (YM) acc. to IEC 62 5.1; YM = production year and month
<] RoHS compliant according to directive 2002/95/EC
Index / Revision |Alteration Date
05/04 Milled case 05.07.2005
06/05 Moulded case / PU = 12 pes. 10.11.2008
07 /06 Glued case instead of taped one 21.06.2010
Created: Zs. Eperjesi Approved F. Zamborszky | Approved V. Kéaposztas | Released: F. Rauscher
(Techn): (Quality):
21.06.2010 25.06.2010 25.06.2010 25.06.2010
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C4. Matlab Program for calculating the transformer winding power loss:

ul0=4*pi*10"-7

rou=1.73*10"-8;

freq=14*10"3;

$primary winding: (litz wire)
N1=27;

ns=46;

dcl=0.4e-3;

bc=100e-3;

MLT1=107e-3;

delta=3.4e-6*freq;

f eff=(freq/pi)*sqrt(6/ (delta* (3-(4*delta))))
Fr pri rms=1+4 ((Fr_pri-1)* ((f eff"2)/(freq”2))
Rdcl=rou*MLT1*N1/ (ns*pi* ((dcl/2)"2))
Racl=Rdcl*Fr pri rms*2

)

o° g o°

=
Il
[N
o
(€]
N
>
N
*
o)
Q
Q
iy

h=0.45e-3; %$foil thicknes
b=100e-3; $winding hieght
Skin Depth=75e-3/sqrt (freq);
A=h/Skin Depth

m=5;

csl=2e-3* ((25+4+4)+(20.5+4+4));

MLT2=csl+2* (8*1e-3)+2.5*8* (0.45e-3) ;
Rdc2=rou*MLT2/ (m*0.45*100e-6)
for n=1:1:16;

Fs_sec(n)=A*sqrt(n)*((sinh(2*A*sqrt(n))+sin(2*A*sqrt(n)))/(cosh(Z*A*sqrt(n))—
cos (2*A*sqgrt(n))));
Fp_sec(n)=(2*A*sqrt(n)/3)*(((mA2)—l)*((sinh(A*sqrt(n))—
sin (A*sqgrt(n)))/ (cosh (A*sgrt (n))+cos (A*sqgrt(n)))));
end

Fr sec n=Fs_sect+Fp_sec

Rac2n=Rdc2*Fr sec n

I=[426.03 115.28 86.57 81.51 8.79 42.84 12.18 14 8.82 0 0 0 4.25 4.62 0 6.03];
P2 n=Rac2n.* (I."2)

P2 dc=(409.01"2) *Rdc2

P2=2* (P2_dc+sum(P2 n))
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C5. Initial transformer testing:
e RLC meter measurements:

Open-circuit, short-circuit, and DC measurements are conducted using the FLUKE™
RLC meter shown below. The device applies a sinusoidal voltage to the measuring

terminals and analyses the drawn current.

Table C1: Transformer open circuit, short circuit and DC measurement results using the RLC meter

Open-circuit measurements (at 14 kHz)

R, =5.85kQ L,=67mH
Short-circuit measurements (at 14kHz)
R=25.240 L =286.3uH
DC measurements
R, =31ImQ R, =50uQ

The short circuit inductance measurement is equivalent to the sum of primary and
secondary leakage inductances. A higher obtained value, compared to experimental
values obtained in Chapter 6, is due to the measurement error caused by the added short
circuit wire inductance. However, based on the obtained DC resistances (and
multiplying by the AC/DC resistance factors obtained earlier), the transformer primary
winding power loss is 26.6 W, and the power loss in each secondary winding is 50.9 W,
giving a total copper power loss of 128.5 W.
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e  Open circuit operation, with 600 V, 14 kHz, input voltage:

The circuit is tested at full primary voltage duty cycle. The input transformer current,

primary voltage, and secondary voltage waveforms are shown below.

Flgure C3: Transformer prlmary voltage Flgure Ca- Transformer secondary

and current (V: 200 V/div, ip: 250 mA/div,  voltages (Vs : 10 V/div, Ve: 10 V/div, t:
t: 10 psec/div) 10 psec/div)

The transformer draws an RMS current of 127 mA, while the RMS input voltage is 590
V. The input transformer current and voltage waveforms in this case can be used to
obtain the transformer core losses (P.). Using Fourier analysis, and considering odd
harmonics due to half wave symmetry, the no-load transformer power loss due to
fundamental (14 kHz) and odd harmonic components, up to the 21% harmonic, as
calculated using Matlab, is 14.96 W. The transformer equivalent core loss resistance
(R.) and magnetizing inductance (L,,), as shown in the no-load equivalent circuit model

shown in Figure C5, can be calculated as follows:

i =re =19 o5 35ma
Ve 990
AR =Vm o S0 539740
[ 25.35x10

i =./i’ —if:124.44mA
Figure C5: Transformer open-

oL, =—m =53.92mH circuit equivalent circuit
27[ fI
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Appendix D: Electro-thermal MOSFET Simulation Model

D1.Technical datasheet for device used in the analysis:

International

FD -97 140

TSGR Rectifier REP4GESPhLF
HEXFET® Power MOSFET
Applications
. Fﬂigh Efficiency Synchronous Rectification in SMPS /—\ ’ VDSS 200V
« Uninterruptible Power Supply I—\
« High Speed Power Switching < &) Ros(on) typ- | 8.0mQ
« Hard Switched and High Frequency Gircuits G max 9.7moO
Benefits 3 ID 130A
« |mproved Gate, Avalanche and Dynamic dV/dt
Ruggedness o
+ Fully Characterized Capacitance and Avalanche 1
S0OA
Enhanced body diode dV/dt and di/dt Capability 5
Lead-Free -
TO-24TAC
G D 5
Gaie Drain Source
Absclute Maximum Ratings
Symbol Parameter Max. Units
Ip & T =25°C Continuous Drain Current, Vg @ 10V 130
Ip @ To=100°C |Continuous Drain Cument Veg @& 10V o2 A
lowa Pulsed Drain Current (& 520
Pp@To=25°C Maximum Power Dissipation 520 W
Linear Derating Factor 35 Wre
Ves Gate-to-Source Voltage + 30 v
dhwict Peak Diode Recovery & 57 Wins
T, Operating Junction and -85 o+ 175 ']
Tsre Storage Temperature Ranpe
Soldering Temperature, for 10 seconds 300
{1.6mm from case)
Mounting torque, 6-32 or M3 screw 10Ip-in {1.1M-m)
Avalanche Characteristics
Ess hemary limited) Single Pulse Avalanche Enengy @ 7O |
lag Avalanche Current © See Fig. 14, 15, 22a_2%h, A
= Repetitive Avalanche Energy & mid
Thermal Resistance
Symbol Parameter Typ. Max. Units
Baso Junction-to-Case @ —_— 029
Racs Case-to-3ink, Flat Greased Surface 024 — W
Fase Junction-to-Ambient & ® —_— 40
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D2. Simulink Electro-thermal Model:
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Appendix E: 1 kA Synchronous Rectifier Module

Upper rectifier
branch

Common drain
terminals

~ Lower rectifier

branch
(a)
Graphite thermal compound ~ Copper sheet

| f s |

1 om N e | Som |

\ . |

Bus bars
(b)
Figure E1: Synchronous rectifier assembly (a) 3D view of the bus bar arrangement, and (b) cross
section view
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Appendix F: Experimental Test Rig, Hardware and Software

F1. Matlab m-file program for calculating the inverter and synchronous rectifier
power loss:

n turns = 54;
f s = 14000;
v _p = 600;

L 1k = 135e-06;

L load = 32e-03/11;

R load = 0.085/11;
duty cycle = (1)/2;
v_rec drop = 0.1;

R ds on = 1.6*0.35/2;
V. on = 1.3;

d i1 dash = ((600/n_turns)-V_load)*d eff/(2*f s*L load);
d i2 dash = V_load*(l—duty_cycle)/(2*L_load);
il dash = I load - (d_il dash/2);

i3 dash = I load + (d_il dash/2) - d_i2 dash;

il = il dash/n_turns;

i2 = i2 dash/n_turns;

i3 = i3 dash/n_turns;

d i1 = d il dash/n_turns;

d i2 = d _i2 dash/n_turns;

P S1 S2 = 2*((((i1"2) + ((d_i1A2)/3) + (i1*d il))*d eff)+ ...
(((1i272) + ((d_i2A2)/3) - (i2*d _1i2))* (l-duty cycle))+ ...
(((i3A2)/6)*(duty_cycle—d_eff)/2)+ e
(((1172)/3)* (duty cycle-d eff)/2))*R _ds on;

P S3.S4 = 2% ((((il”2) + ((d_i172)/3) + (il*d il1))*d eff)+ ...
(((1272) + ((d_i2A2)/3) - (i2*d_i2))*(1—duty_cycle)/2)+...
(((i3A2)/6)*(duty_cycle—d_eff)/2)+ e
(((1172)/3)* (duty cycle-d eff)/2))*R _ds on;

P D1 D2 = 2*V_on*i3* (duty cycle-d eff)/4;

P D3 D4 = 2*V_on* ((((i2+i3)/2)* ((1l-duty cycle)))+(i3* (duty cycle-d eff)/4));

P inv _total = P S1 S2 + P_S3 S4 + P D1 D2 + P D3 D4

P_synch_total = 2*((I_load"2)*(d_eff/2))*0.8/(1000%10)+...
+ V_on* (((((il_dash)/2))* ((1-d_eff)/2))+((((i2_dash)/2))* ((1-d_eff)/2)))
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F2. Load bank technical datasheet:

PFE and PFR Series

Powr-Rib® Edgewound Buﬂvﬁﬁf
Edgewound and Round Wire

Smndard:
e———— A {7.575" 1063 —| Taminal 21728 (50 amps & mor)
454,02 mm - 532}31133
—— B 15250 +.063 1. 750 mm
S #5400 mm | Terminal 21726 {5 amps & kss)
LY==
15454 mm

] L
B

2.083" -0ls 187
57400 MM 4,767

1.00"
25,400 mm —
- Tﬂ'mh:f 2975
053" sandard on
13.404 mm [ L-9I!J'ﬂﬂ'$ & Joss)
+ DESE" e 18T

BE.67 mm -3+ 4. 753 — Termina 278
5 l l:pmurfncm*
minal mounting)

10.050 mm Al values for referance only; Conzuit factory for details.

ORDERING INFORMATION

|
PFESKRI100E

11— 1T
g&‘w g:‘iin-l( 10%  A00= 010
PFA=FRoundwie 2 5 1A00= 1.0
3 a8 10AD = 10
4 7
a

Designed in both Edgewound
and Round Wire formats,
these rugged resistors

can handle 700 to 1000

Watts of power. Specify our
Edgewound dosign for very
low resistance and high power
capacity. When higher resis-
tance with lower powsar capac-
ity is required use our Hound
Wire dasign.

Constructed of a heavy
resistance alloy mountad on
ceramic insulators and sup-
ported by a metal mounting
bracket. Metal parts, excopt
for the resistance element,
are heavily plated to prevent
oxidation at high operating
temperatures and to prevent
corrosion. The mounting bar is
shtted on each end to facil-
tate installation. Edgewound
units provide clamp-type termi-
nals, permitting a reliable con-
nection which can be moved
along the resistive element to
obtain intermediate values.

SPECIFICATIONS

Electrical

Current Rating: Confinuous dufy
as listed on following pagse.

Wattage Ratimg: 700 to 1,000 {up
to 1,600 watts on special order)

Resistance Tolerance: =107
standard, +5% awailabla

Terminals: Clamps, movable
along resistor wirs for setting
intermediate resistance values
on Edgewound units (currant
must be derated in proportion).

Temperature Coefficient:

+300 ppm™C for resistors 50
amps and more

+500 ppmy™C for resistors 47
amps or less

Ohmic Values: Sea chart on fol-
lowing page.

Mounting: Matal mounting bar is
slotted on each end to facilitate
installation.

Edgewound units have clamp-
typ= terminals which parmits
a refisble connection and can
be mowved slong the resistive
element to obtain intermediste
values.

Ordering Information

Sea Part Mumber chart for stan-
dard resistance values when
ordering.

Ohms Farl# Amps Dhms Part # Amps
01w BESKRIDIE 100 11 o PRRSKITRE 83
012 & PESKRI2E 91 12 o PFRSKISREE 76
014 » PRESKRI4E 81 17 o PFRSKIZRIE 66
016 & PESKAISE 7B 20 o FFRSKZORE 59
018 & PRESKAIBIE 75 25 o FRSKOSRIE 51
022 v PESKRZZE 68

025 v PHESKRZSEE 63

03 & PESKRINE 57

03 v PESKRZE 54

037 v PESKRITE 50

05 o+ PESKRSDE 47

08+ EESKREOIE 43 = Standard valuss

067 + PRESKRETOE a 4 = Mon-standard values subjsct
075 v PRESKRTSOE ) to minimum handling

1 v PESKIADE 33 =

13 v PESKIRBE 20

18 v PESKIABE 26

27 v PESKZRZ2IE 184

g RERLE o Chec product avallabitty at

= = www.ohmite.com

54 v FESKSRSE 118

Gf v FESKCRBE 103

BS v PRESKERSE 0.4

Our Tech Center is open 10am to
2pm CT Tuesdays and Thursdays,
just call 866-9-OHMITE
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F3. Load bank:

High current bus
bar terminals

F4. Test Rig:

14kHz ZVS Inverter with
Current

600VDC input \ 1kA MOSFET Synchronous transducer
. - rectifier

High frequency centre-tap
nanocrystalline transformer
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F5. Microchip MPLAB C-code:

e Open-loop program:

int 1 = 0; // variable for to be incremented from 0 to 49
unsigned int x;

unsigned int temp;
/********************************************************************/

/**************************** FUNCTIONS *****************************/

/* PWM INITIALIZATION FUNCTION */

void init pwm(void)

[H PUM 1~ n s v e v */
IOCONlbits.PENH = 1; // PWMIH is controlled by PWM module
IOCONlbits.PENL = 1; // PWMIL is controlled by PWM module
IOCONlbits.PMOD = 0; // select complementary PWM mode

PDC1 = 22857; // duty cycle = PDC1*1.5625 nsec = 35.7140 usec

DTR1 = 675; // PWMH dead time = DTR1*1.5625 nsec = 0.8984 usec
ALTDTR1 = 675; // PWML dead time = DTR1*1.5625 nsec = 0.8984 usec
PHASE1l = 22857; // Phase shift = 0

[ H e PUM 2~ e e e */
TOCON2bits.PENH = 1; // PWM2H is controlled by PWM module
TOCON2bits.PENL = 1; // PWM2L is controlled by PWM module
IOCON2bits.PMOD = 0; // select complementary PWM mode

PDC2 = 22857; // duty cycle = PDC2*1.5625 nsec = 35.7140 usec

DTR2 = 675; // PWMH dead time = DTR2*1.5625 nsec = 0.8984 usec
ALTDTR2 = 675; // PWML dead time = DTR2*1.5625 nsec = 0.8984 usec
PHASE2 = 0; // Phase shift = maximum = 22857 - 575 = 22282

[ H PUM 3 v e e v */
IOCON3bits.PENH = 1; // PWM3H is controlled by PWM module
IOCON3bits.PENL = 1; // PWM3L is controlled by PWM module
TOCON3bits.PMOD = 0; // select complementary PWM mode
PWMCON3bits.DTC = 1; // negative deadtime

PDC3 = 22857; // duty cycle = PDC3*1.5625 nsec = 35.7140 usec

DTR3 = 3125; // PWMH dead time = DTR3*1.5625 nsec = 0.8984 usec
ALTDTR3 = 3425; // PWML dead time = DTR3*1.5625 nsec = 0.8984 usec
PHASE3 = 22857-675; // Phase shift = 0

JH e A */
PTPER = 45714; // PWM period = PTPER*1.5625 nsec = 71.4281 usec
PTCONbits.PTEN = 1; // enable PWM module

JH e A */
}

/* ADC INITIALIZATION FUNCTION */

void init adc(void)
{
ADCONbits.ADSIDL = 0; // operate in idle mode
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ADCONbits.FORM = 1; // output in fractional format

ADCONbits.EIE = 1; // generate interrupt after first conversion
ADCONbits.ORDER = 0; // even analogue channel is converted first
ADCONbits.SEQSAMP = 1; // sample at the start of second conversion
ADCONbits.ADCS = 2; // Fadc/8

ADPCFG = OxFFFC; // BANO and ANl set to analogue inputs
ADCPCObits.IRQENO = 1; // enable interrupt after ANO and ANl complete
ADCPCObits.SWTRGO = 1; // start conversion of ANO and AN1L
ADCPCObits.TRGSRCO = Oxc; // select timerl match as trigger source
TMR1 = 0; // reset timer

PR1 = 45714; // match period every one complete cycle
IFSObits.T1IF = 0; // clear timerl interrupt flag
IECObits.T1IE = 0; // disable timerl interrupt request
IFSObits.ADIF = 0; // clear ADC conversion interrupt flag status
IECObits.ADIE = 1; // enable ADC conversion complete interrupt
ADCONbits.ADON = 1; // turn on the ADC module

T1CONbits.TON = 1; // turn on timerl
[5G */

/********************************************************************/

/*********************** INTERRUPT FUNCTIONS ************************/

/* ADC INTERRUPT */
void _ attribute ((interrupt, no_auto psv)) _ADCInterrupt ()
{
IFSObits.T1IF = 0; // clear timerl interrupt flag
IFSObits.ADIF = 0; // clear ADC interrupt flag
ADSTATbits.PORDY = 0; // clear ADSTAT bit
if (i<50) // save 50 samples of measured waveform in the array
{ // for plotting
PORTDbits.RDO = 1;
inputsignal[i] = ADCBUFO;
PORTDbits.RDO = O;
i = 1+1;
}
if (1>49)
{
i=0;

/********************************************************************/

/************************** MAIN FUNCTION ***************************/

int main(void)

{

init pwm(); // initialize PWM module
init_adc(); // initialize ADC module
while (1) // infinite loop doing nothing

{
}
}

/********************************************************************/
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e Closed-loop program:

Current Duty cycle Load
reference Pl d 7VS PS PWM cu:rent
Controller "| DC/DC Converter o
Kp =0.0001
Ki=04

/**************************** LIBRARY FILES *************************/

#include "p30£2020.h"
#include <dsp.h>
#include <stdlib.h>

/********************************************************************/

/************************** CONFIGURATION BITS **********************/

_FOSCSEL (PRIOSC_PLL)
_FOSC(CSW_FSCM _OFF & 0SC2 IO &HS)
_FPOR (PWRT OFF)

_FGS (CODE_PROT OFF)

_FBS (BSS_NO_FLASH)
_FICD(ICS_PGD1)

/********************************************************************/
/******************** GLOBAIL VARIABLES AND ARRAYS *******************/

#define max phase shift 22857
#define FCY 10000000UL

#include "c://program files (x86)/Microchip/mplab
30/support/generic/h/libpic30.h"

fractional inputsignalsave[1l0];

int i = 0;

unsigned int k = 0;
unsigned int t = 0;
unsigned int f = 0;

tPID fooPID;
fractional abcCoefficient[3]  attribute  ((section(".xbss, bss,
xmemory"))) ;

fractional controlHistory[3] _ attribute  ((section(".ybss, bss,
ymemory"))) ;

fractional kCoeffs[] = {0,0,0};

unsigned int phaseshift = 0;
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unsigned int phaseshiftsave[l0];
fractional ref sig = 0.1;
float ref sig inc = 0;

/********************************************************************/

/**************************** FUNCTIONS *****************************/

/* PWM INITIALIZATION FUNCTION */

void init pwm(void)

{

T PHM 1 s ms ms ne e s e e */
IOCONlbits.PENH = 1; // PWMIH is controlled by PWM module
IOCONlbits.PENL = 1; // PWMIL is controlled by PWM module
IOCON1bits.PMOD = 0; // select complementary PWM mode

PDC1 = 22857; // duty cycle = PDC1*1.5625 nsec = 35.7140 usec

DTR1 = 675; // PWMH dead time = DTR1*1.5625 nsec = 0.8984 usec
ALTDTR1 = 675; // PWML dead time = DTR1*1.5625 nsec = 0.8984 usec
PHASE1l = 0; // Phase shift = 0

[ H e PUM 2~ e e s e e e e e */
TOCON2bits.PENH = 1; // PWM1H is controlled by PWM module
TOCON2bits.PENL = 1; // PWMIL is controlled by PWM module
IOCON2bits.PMOD = 0; // select complementary PWM mode

PDC2 = 22857; // duty cycle = PDC1*1.5625 nsec = 35.7140 usec

DTR2 = 675; // PWMH dead time = DTR1*1.5625 nsec = 0.8984 usec
ALTDTR2 = 675; // PWML dead time = DTR1*1.5625 nsec = 0.8984 usec
PHASE2 = 0; // Phase shift = 0

[ H e PWM 3~ e e e e e e */
IOCON3bits.PENH = 1; // PWM1H is controlled by PWM module
IOCON3bits.PENL = 1; // PWMLL is controlled by PWM module
TOCON3bits.PMOD = 0; // select complementary PWM mode

PDC3 = 22857; // duty cycle = PDC1*1.5625 nsec = 35.7140 usec

DTR3 = 675; // PWMH dead time = DTR1*1.5625 nsec = 0.8984 usec
ALTDTR3 = 675; // PWML dead time = DTR1*1.5625 nsec = 0.8984 usec
PHASE3 = 0; // Phase shift = 0

/* NNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNN */
PTPER = 45714; // PWM period = PTPER*1.5625 nsec = 71.4281 usec
PTCONbits.PTEN = 1; // enable PWM module

}

[ e 8 0 0 */
/* ADC INITIALIZATION FUNCTION */
/* NNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNN */

void init adc(void)

{

ADCONbits.ADSIDL = 0; // operate in idle mode
ADCONbits.FORM = 1; // output in fractional format
ADCONbits.EIE = 1; // generate interrupt after first conversion

ADCONbits.ORDER = 0; // even analogue channel is converted first
ADCONbits.SEQSAMP = 1; // sample at the start of second conversion
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ADCONbits.ADCS = 2; // Fadc/8

ADPCFG = OxFFFC; // BNO and ANl set to analogue inputs
ADCPCObits.IRQENO = 1; // enable interrupt after ANO and ANl complete
ADCPCObits.SWTRGO = 1; // start conversion of ANO and AN1L
ADCPCObits.TRGSRCO = Oxc; // select timerl match as trigger source
TMR1 = 0; // reset timer

PR1 = 45714; // match period every one complete cycle
IFSObits.T1IF = 0; // clear timerl interrupt flag
IECObits.T1IE = 0; // disable timerl interrupt request
T1CONbits.TCKPS = 0x2;

IFSObits.ADIF = 0; // clear ADC conversion interrupt flag status
IECObits.ADIE = 1; // enable ADC conversion complete interrupt
ADCONbits.ADON = 1; // turn on the ADC module

T1CONbits.TON = 1; // turn on timerl

/* NNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNNN */

/********************************************************************/

/*********************** INTERRUPT FUNCTIONS ************************/

/* ADC INTERRUPT */

void  attribute ((interrupt, no_auto psv)) ADCInterrupt ()

{
IFSObits.T1IF = 0;

IFSObits.ADIF = 0; // clear ADC interrupt flag
ADSTATbits.PORDY = 0; // clear ADSTAT bit
fooPID.measuredOutput = ADCBUFO0/2;

PID(&fooPID) ;

phaseshift = builtin mulsu(fooPID.controlOutput, max phase shift) >>
15;

PHASE1l = phaseshift;
PHASE3 phaseshift;

if (phaseshift > 22857)
{
phaseshift = 22857;
}

if (phaseshift < 0)
{
phaseshift = 0;
}

if (i<10)
{
PORTDbits.RDO
phaseshiftsave
inputsignalsav
PORTDbits.RDO
i = 1+1;

lr

] = phaseshift;
i] = ADCBUFO;
0

’

i
[

o — Il
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}

}

/********************************************************************/

/************************** MAIN FUNCTION ***************************/

int main (void)

{

fooPID.abcCoefficients = &abcCoefficient([0];
fooPID.controlHistory = &controlHistory[O0];
PIDInit (&fooPID) ;

kCoeffs[0] = Q15(0.00001);

kCoeffs[1] Q15(0.4);

kCoeffs[2] = Q15(0);

PIDCoeffCalc (&kCoeffs[0], &fooPID);
fooPID.controlReference = Q15(0.00000001) ;
init pwm() ;

init _adc();

delay ms(1000);

while (£<1)

{

if ((k<65530) && (£<1))
{
k++;

if ((k = 65530) && (£f<1))

if ((t = 65530) && (£f<1))

k=0;
ref sig inc = ref sig inc+0.000001;
fooPID.controlReference = Ql5(ref sig inc);

}
if ((ref sig inc>0.6066611842) s&& (£<1))
{
£=2;
}

}
delay ms(delay interval 1);
ref sig inc = 0.4044407894;
fooPID.controlReference = Ql5(ref sig inc);
while (1)

{

}

}

/********************************************************************/
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Appendix G: 10kA DC/DC converter design

G1. Nanocrystalline core used for the design:

FORM . .

Identifier: F 108 Product specification MﬁﬁNETﬁc G";b"'
. " . ndustriestrasse
E:;:Dn- 103 for inductive components D-63505 Langenzelbold
L1

Client: MAGNETEC GmbH Magnetec P/N: | M-248 Magnetec A/N: | 12386
Client's P/N: / PS Index: 04 PS5 Revision: 02
Subject: EMC Wandler Type: E
1. Mechanical Outline
Mominal core dimenzions:
300 x 254 x 30
MAGHETEC M-248-04 YM l
Finizhed product dimensions:
0D £392,0 (B) / 160,0 (D)
ID >326,0 (A) /84,0 (C) C D
H £ 36,0
[dimenszions] = mm -'
A
. - —
B H
| -— -— —
2. Core data
Core material: NANOPERM® L, =871cm A _=52cm’
Nominal values: Permeability level @ frequency @ H peak
~30 000 10 kHz 3,14 mAfcm
3. Inspection values
Meazured value Meazurement limitz Frequency leffx N [mA x turn]
AL [pH] 15,8 - 31,56 10 185
4. Core finishing
Type: Cased
Marking: MAGNETEC M-248-04 ¥YM
Packaging: 1 pcs. per layer; & layers per carton box; PU =5 pcs.
5. Comments:
<] Marking date code (YM) acc. to IEC 62 5.1; YM = production year and month
B4 RoHs compliant according to directive 2002/95/EC
Index / Revision |Alteration Date
04701 Product specification f Moulded caze 12.12 2006
04702 PU =5 pcs. 17.07.2009
Created: F. Zamborszky | Approved J. Nygki Approved V. Kaposziaz | Released: F. Rauscher
(Techn): (Quality):
17.07.2009 21.07.2009 21.07.2009 21.07.2009
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G2. High power IGBT module with internal parallel connected device dies:

AOMITEL

SEMICONDUCTOR

GP600DHB16S
Powerline N-Channel IGET Module

Supersedes March 18097 version, 054335 - 5.6

APPLICATIONS

B High Power Switching.

B Motor Control.

H UPS.

B AC And DC Servo Drive Amplifiers.

54335 - 5.7 December 1293

TYPICAL KEY PARAMETERS

V., 1600V
Voo 3.5V
I, HO0A

e 1200A

IPK]

FEATURES
B n - Channel.
B Enhancement Mode. PACKAGE OUTLINE
B High Input Impadance.
B High Switching Speed. A
B Latch-Free Operation. o
B Low Forward Voltage Drop. H
B Isolated Base. 9 —
T
CIRCUIT H
el I G
. g
12(cy) 11(E2) | _.3
1D0[E)
T, 4(E,) = 3(Cy) Vi
1E) B —
riey e |
- L I Hi
Fig. 1 Half bridge circuit diagram Fig. 2 Qutline type code: D.
RATINGS See package details for further information.
T e = 25°C unless stated otherwise.

Symbecl Parameter Test Conditions Max. Units
Ve Caollector-emitter voltage W =V 1800 W
Voas Gate-emitter voltage - +20 W

I DC, T =25C G00 A
Caollector current ==
— ims, T_ =25C 1200 A
-t Maximum power dissipalion (per amm) | T, = 25°C (Transistor) 4150 W
"u’_l Isolation voltage Commaned terminals fo base plate. 3400 W
AC RMS, 1 min, 50H=z

Caution: These devices are sensitive to electrostatic discharge. Users should observe proper ESD handling precautions.
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G3. Internal structure for a high power IGBT module:

Upper
switch

Terminals
interconnecting
two modules in
parallel

4 Paralleled
IGBT Dies

Lower
switch

Anti-parallel
diodes
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Appendix H: Author’s Publications

1. Shafik, Z. M. ; Ahmed, K. H. ; Finney, S. J. ; Williams, B. W. ;

Nanocrystalline cored transformer design and implementation for a high current
low voltage dc/dc converter

This paper appears in: Power Electronics, Machines and Drives (PEMD 2010), 5th
IET International Conference on

ABSTRACT

Transformers are considered critical components that influence high power converter
dynamic response, efficiency, and size. High permeability nanocrystalline cores are
being increasingly utilized in designs due to their high saturation flux density, high
power density, and lower power loss, for a given volume. This paper presents the design
and implementation of a high frequency nanocrystalline cored transformer operating at
14 kHz, and used in a high current low voltage dc-dc converter with a 600 V input, and
an 8 V, 1000 A output requirement. Power loss analysis and leakage inductance
calculation are derived to evaluate the transformer performance. Simulation and
experimental results are also presented to validate the design.

2. Shafik, Z.M. ; Masoud, M.I. ; Fletcher, J.E. ; Finney, S.J. ; Williams, B.W. ;

Efficiency improvement techniques of high current low voltage rectifiers using
MOSFETSs

This paper appears in: Universities Power Engineering Conference (UPEC), 2009
Proceedings of the 44th International

ABSTRACT

This paper presents techniques for loss minimization in ultra-high current low-voltage
power supplies. The use of synchronous rectification using MOSFETs offers the
advantage of reducing the conduction losses significantly compared to conventional
rectification, with the possibility of achieving almost zero conduction losses through
parallel connection. The design considerations for paralleling MOSFETSs are briefly
discussed, as paralleling is required for satisfying the high current requirements.
Moreover, cryogenic operation of MOSFETSs offers further reduction of the conduction
losses. MOSFETSs with various ratings are tested to evaluate the reduction in the on-
resistance at liquid nitrogen temperature compared to the normal operating temperature.
An estimate for the rectifier power losses including the cooling power is compared in
order to show if it is advantageous for this specific application.
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